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SUMMARY

Wireless communications have been an indispensable aspect of everyday life, and

there is an increasing consumer demand for accessing several wireless communication

technologies from a single, compact, mobile device. System-on-package (SOP) technol-

ogy is an advanced packaging technology that has been proven to realize the convergence

of multiple functions into miniaturized, high-performance systems to meet this demand.

With the advancements in the SOP technology, the miniaturization of the front-end mod-

ule has been achieved using embedded passives in multilayer packages. However, the

integration of the antenna directly on the module package is still the barrier to achieve a

fully-integrated, high-performance RF SOP system. The main reason for this missing link

is that integrating the antenna on the package requires miniaturizing the antenna, which is

a difficult task.

The focus of this dissertation is to design high-performance antennas along with de-

veloping techniques for miniaturization and system-on-package (SOP) integration of these

antennas to achieve fully-integrated SOP systems using advanced multilayer organic sub-

strates and thin-film magneto-dielectric materials. The targeted spectrum for the antenna

designs are 2.4/5 GHz WLAN/WiMAX and 60 GHz WPAN bands. Several novel antenna

designs and configurations to integrate the antenna on the package along with the module

are discussed in this dissertation. The advanced polymers used in this research are Liquid

Crystalline Polymer (LCP), RXP, and thin-film magneto-dielectrics.
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CHAPTER 1

INTRODUCTION

Wireless communications have been a major aspect of everyday life, making it a rapidly

increasing segment of the communications industry. The evolution of wireless communica-

tions includes several indispensable technologies such as cellular communications, wireless

local area networks (WLANs), and wireless personal area networks (WPANs). The con-

sumer demand for accessing these radio technologies using hand-held mobile devices has

been pushing engineers to innovate on advanced technologies to achieve the integration and

miniaturization of multiple systems.

One of the key enablers of achieving this goal has been the advancements in the packag-

ing technologies and manufacturing systems [1]. The invention and miniaturization of the

transistor followed by the integration of large numbers of transistors have led to a design

approach called system-on-chip (SOC). The SOC aims for the integrated circuit (IC) level

integration, where the transistors, passive and mixed-signal components are all integrated

into one silicon device. Although realizing this kind of integration offers the most com-

pact, high-performance, lightweight systems that can be manufactured in high volumes,

SOC has challenges and limitations, especially for wireless communications applications.

Among these challenges are high costs due to the fabrication and test complexities that

stem from integrating disparate silicon technologies, such as Complementary Metal Oxide

Semiconductor (CMOS), bipolar, silicon germanium, with different requirements into one

chip. Moreover, while the silicon technology is great for digital applications, it is not the

optimal platform for integrating RF components (such as antennas, capacitors, inductors),

thermal structures, power sources and packages. These prevent the SOC from achieving a

system-level integration [2].

The invention of the multichip module (MCM) technology in the 1980s to overcome
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Figure 1. System on package concept (Picture courtesy of [3]).

some of these challenges has led to a module-level integration technology called system-

in-package (SIP) that is based on the vertical stacking of similar and dissimilar ICs. Even

though the 3D stacking of the ICs has been popular in manufacturing compact modules

for the cell-phone industry, the SIP is still an IC-based module-level integration technol-

ogy, leaving 80%-90% of the system integration needs unanswered. On the other hand,

the system-on-package (SOP), another major paradigm introduced in the mid 1990s, com-

bines the high electrical performance and the miniaturization capabilities of the chip- and

module-level integration to achieve a system-level integration. The SOP technology uses

the thin-film integration of numerous system-level functions to achieve ultra-miniaturized,

high-performance systems [1]. As shown in Figure 1, SOP enables the system-level inte-

gration of the SOC, SIP, micro-electro-mechanical (MEMS), RF, digital, analog, and opto-

electrical components along with the thermal structures, interconnects, and power sources

into a single package [3].

The integration capabilities the SOP offers for RF applications have initiated consider-

able amount of research efforts to miniaturize the RF front-end modules (FEMs). As shown

in Figure 2, the vertical integration of the planar RF components (such as filters, baluns,

mixers) using the embedded passive technology in multilayer packages has enabled design-

ing compact, highly-integrated FEMs compared to the ones on the conventional laminates
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Figure 2. Comparison of a SOP-based FEM with a conventional module (Picture courtesy of Jacket
Micro Devices).

fabricated with surface mount components [4]. However, the miniaturization and integra-

tion of the antennas with the front-end module, while maintaining high-performance and

low-cost is still a barrier to achieve complete RF SOP integration.

Antennas have a crucial effect on the overall size and performance of wireless systems.

For instance, the efficiency of the antenna plays an important role to determine the overall

efficiency of the wireless system because the antenna is the first to receive the signal in

the receiver and the last to send out the signal in the transmitter. Therefore, the integration

of the antenna directly on the FEM package is required to optimize the size, cost and, RF

performance. However, this kind of integration is a difficult task.

One reason for the difficulty in achieving the SOP integration of the antenna is the large

size of the antenna compared to the compact size of the module. The size of the antenna

is particularly an issue for the microwave frequency range used by most wireless mobile

applications (1 GHz to 6 GHz). Hence, integrating the antenna requires miniaturizing the

antenna, which is another intricate task since the gain and bandwidth of the antenna are

bounded by the fundamental limits depending on the size of the antenna. Another difficulty

arises because of the undesired coupling between the antenna and the module circuitry
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Figure 3. Examples of planar antenna designs. (a) Planar inverted F-antenna (PIFA) [7] and [8], (b)
Dielectric resonator antenna (DRA), (c) Printed monopole antenna (left) and microstrip patch antenna
(right) [9] [10].

as the separation between the two is reduced. This results in a need for the co-design of

the antenna with the module circuitry or the package to prevent possible de-tuning of the

antenna and the RF circuits after integration [5].

Planar antennas are mostly preferred in mobile devices. Some popular planar antennas

are the planar inverted-F antennas (PIFA)s, the dielectric resonator antennas (DRAs) and

the printed planar antennas [6], as shown in Figure 3. The conventional PIFA design is

comprised of a short-circuited radiating patch that is suspended over a ground plane as

shown in Figure 3a. Although the PIFAs have been used in mobile phones to successfully

replace the conventional protruded whip or rod antennas, they are not suitable for SOP

integration since they are thick, bulky, machined metal structures.

DRAs, as shown in Figure 3b, form another group of planar antennas. As the name

implies, in a DRA the resonating structure is a dielectric disk instead of a conductor patch
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or trace. Although this eliminates the conductor loss and results in low-loss antenna de-

signs, miniaturization of a DRA requires expensive high-permittivity dielectrics. More-

over, DRAs are mostly designed as surface-mount components, making them difficult to

integrate with the module.

Printed planar antennas, as shown in Figure 3c, are better candidates than PIFAs and

DRAs to achieve SOP integration of the antenna since they can be fabricated on the module

package using printed circuit board (PCB) processes. Moreover, these antennas can be fed

easily with a printed transmission line, an aperture or a via. The microstrip patch antenna

is probably the most common printed planar antenna structure that has been studied in the

literature [11]. It is especially preferred when the application requires a broadside radiation

pattern since the ground plane of the patch antenna offers increased front-to-back ratio.

Moreover, if the patch is integrated in an SOP configuration, the ground plane provides

shielding for the rest of the system when the antenna is printed on top of the FEM substrate.

On the other hand, the printed monopole antennas, comprised of printed patches or traces

on truncated ground planes as shown in Figure 3c, are more suitable for mobile applications

that require an omni-directional radiation pattern. Moreover, the printed monopoles offer

wider bandwidth than the microstrip patch antennas, making it easier to cover the required

spectrum of the targeted applications.

In addition to the antenna design, the fabrication technology and the substrate material

are two other critical selections that affect the performance of the RF SOP module. In an

SOP architecture, the substrate not only provides the mechanical support but also becomes

the medium for the electromagnetic wave propagation between the embedded/integrated

components. This makes the selection of the substrate material critical since the charac-

teristics of the wave propagation and capabilities of the technology are determined by the

substrate parameters.

Low temperature co-fired ceramic (LTCC) technology has been a popular solution for
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implementing RF SOP in both the microwave and V-bands to integrate the RF compo-

nents and the antenna in a multilayer substrate. In an LTCC configuration, a microstrip

patch antenna is integrated by printing the antenna on top of the module circuitry that is

embedded in the lower layers of the substrate [5], [12], and [13]. Although the high di-

electric constant and the low loss tangent of the LTCC substrate have been advantageous

for the miniaturization and integration of the RF components, the LTCC substrate is not

the optimal material as far as the antenna performance is concerned. This is because the

efficiency and bandwidth of the antenna decreases as the permittivity of the substrate is

increased. Moreover, the mismatch of the coefficient of thermal expansion (CTE) of the

LTCC substrate with that of the PCB can lead to reliability issues in the highly-integrated

front-end packages. Additionally, the cost of the ceramic-based package and fabrication

process prevent the LTCC package to be used as the final PCB. Therefore, the LTCC may

not provide a long-term effective packaging solution because of the higher processing tem-

perature (> 900◦C), larger manufacturing variation, bulkier substrate, and higher cost as

compared to other technologies having the same integration capability such as multilayer

organic (MLO) substrates.

As an alternative to the LTCC, liquid crystalline polymer (LCP) based MLO offers a

low-cost, low-profile, high-performance RF SOP solution with the FR-4 compatible pro-

cesses [14], [15], [16], [17], [18], and [19]. LCP is a laminate-type organic dielectric

material that can be stacked to form multilayer substrates with the use of adhesive bondply

layers in between the stacked LCP layers. In addition to being a low-cost dielectric suitable

for a large panel area fabrication process, the LCP has a combination of good electrical and

mechanical properties. It has a low dielectric constant of εr = 2.95 and a low loss-tangent of

0.002 up to millimeter wave frequencies. The LCP also has favorable mechanical proper-

ties such as mechanical flexibility, a low coefficient of thermal expansion, and low moisture

absorption [20].
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In spite of the good RF performance and integration capability of the LCP, the LCP-

based MLO technology suffers from a few limitations due to the relatively high processing

temperature (290◦C) compared to that of FR-4. Additionally, the need for bondply material

for building stack-ups results in yield issues because of the registration errors. A new

organic material, called RXP, has been introduced to overcome these limitations.

The RXP is an ultra-thin, laminate-type substrate that has been proposed to extend the

micro-scale SOP to nano-scale SOP since it enables building thinner substrates and finer

lines/spaces compared to the LCP technology. For instance, 30-50 µm diameter through-

vias, 25-40 µm blind vias and 15 µm line/spaces can be fabricated with the RXP technology

[21]. The RXP has two distinct variants. RXP-1 is a thin glass-reinforced laminate used as

the core, and RXP-4 is a thin dry film used as the build-up layer. The RXP technology is

more advantageous than the LCP technology in terms of preventing the registration errors

since RXP-4 is one of the RXP variants, unlike the bondply layer of the LCP. Additionally,

RXP-4 can be made as thin as 20 µm under a low processing temperature (220◦C), which

is better compatible with the standard PCB manufacturing processes.

Similar to the LCP, the RXP is a low-loss dielectric with a stable frequency response

up to 110 GHz, being suitable for both microwave and millimeter wave RF applications.

The dielectric constant and the loss tangent of the core RXP-1 are εr = 3.41 ± 0.06 and

tanδ < 0.006 up to 110 GHz. The dielectric constant and the loss tangent of the build-

up RXP-4 are εr = 2.98 ± 0.05 and tanδ < 0.0053 up to 110 GHz [22]. Recently, the

fabrication details of the initial RXP-based MLO substrates with fine lines and low CTE

capability has been presented in [23] and [21]. Moreover, high quality factor embedded

inductors fabricated with the RXP technology have been reported in [24], followed by the

embedded-passive filter designs presented in [25].

Another type of advanced polymer proposed for SOP applications falls under the cate-

gory of magneto-dielectrics, materials with εr > 1 and µr > 1. Magneto-dielectric materials

have been proposed to overcome the limitations of the dielectric substrates in effectively
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miniaturizing the antenna for SOP applications [26]. However, these materials do not ex-

ist in nature and are not yet available in the market; hence, they need to be synthesized.

Thin-film magneto-dielectrics based on nanoparticle inclusions have been proposed in the

literature. Polymer composite thin-films based on insulator-coated nickel (Ni) and cobalt

(Co) nanoparticles have been found promising to provide stable and low-loss magneto-

dielectric properties. In this synthesis approach, high εr and µr of the material are sustained

with the inclusion of the magnetic nanoparticles; whereas, the insulating shell prevents the

material loss, while improving the stability with frequency [27], [28], [29].

1.1 Contributions and Dissertation Outline

The focus of this research is to design high-performance antennas along with developing

the techniques to integrate and miniaturize these antennas to achieve the SOP approach

using the aforementioned advanced MLO substrates and thin-film magneto-dielectrics, for

the 2.4/5 GHz WLAN/WiMAX and 60 GHz WPAN applications. In this regard, the ac-

complished research can be listed as follows:

1. SOP integration of antennas in the 2.4/5 GHz WLAN/WiMAX bands using conformal

antennas on rigid-flex LCP-based MLO substrates

A conformal antenna configuration using LCP-based rigid-flex substrates has been

proposed and implemented to efficiently integrate the antenna on the package of an

SOP module. Monopole antennas have been used to prove the concept since the SOP

integration of the monopole antennas has not been covered in the literature before

although the monopoles are highly preferred in mobile devices. In the proposed con-

figuration, the antenna is positioned on the protruding flexible portion of a rigid-flex

substrate and an on-package shielding box is used to protect the possible module cir-

cuitry from the radiated fields of the antenna. Even though flexible antennas have

been proposed in the literature and already employed in the state-of-the-art mobile

devices, e.g. the iPhone, the integration of the flexible antenna with the rigid SOP
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substrate with a single process has been shown for the first time with the proposed

LCP-based rigid-flex substrates. This novel technology not only provides a solution

for the antenna integration but also miniaturizes the overall size of the complete RF

SOP package by folding the flexible part of the substrate on the rigid part the sub-

strate. The configuration was implemented using single and dual-band prototypes

covering the 2.4/5 GHz WLAN and WiMAX bands. The fabricated antennas were

also measured and good correlation was observed between the simulation and mea-

surement results.

2. Characterization of thin-film magneto-dielectric substrates

As mentioned before, the large size of the antenna compared to the size of the FEM is

a limiting factor to effectively integrate the antenna directly on the module package.

This is especially an issue for the microwave range (up to 10 GHz), where the popular

mobile applications are centered. Therefore, in addition to developing antenna inte-

gration techniques, the other main focus of this PhD research has been to investigate

antenna miniaturization techniques. The work covered in this part of the dissertation

focuses on using magneto-dielectric substrates to miniaturize the antennas. Since

magneto-dielectrics do not exist in nature and are not available in the market, these

materials should be synthesized with advanced techniques. Moreover, novel charac-

terization methodologies are needed to provide feedback during the synthesis process

as the conventional metrologies are mostly limited to characterizing dielectric prop-

erties. This part of the dissertation has supported the magneto-dielectric synthesis

research of the material science engineers from the Packaging Research Center at

Georgia Tech. Two characterization methods that are based on measuring easy-to-

fabricate, -measure, and -analyze two-layer printed structures have been proposed.

The methods were both verified with controlled experiments based on simulations

and measurements. Theoretical analysis was also performed to explain the working

principles of the methods proposed.
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3. Investigating the application of the magneto-dielectric substrates for the antenna

miniaturization.

Magneto-dielectrics have been proposed in the literature to effectively miniaturize

the antenna. However, apart from intuitive explanations based on image theory, there

is not enough theoretical analysis in the literature to explain why magneto-dielectric

substrates are better substrates than the conventional dielectric substrates. More-

over, the effect of increasing the permeability of the substrate on the surface wave

propagation has not been highlighted in the previously published papers. Therefore,

the advantages and limitations of using magneto-dielectric substrates to efficiently

miniaturize the conductor-backed planar antennas were investigated in this research.

The well-known analysis methods reported for the microstrip patch antennas were

applied to derive the expressions for the stored electromagnetic energy and radiated

power from a microstrip patch antenna on a magneto-dielectric substrate. These ex-

pressions were used to gain insight on the use of magneto-dielectric substrates. The

results obtained from the theoretical analysis were verified with the simulations re-

sults. The surface wave propagation on a conductor-backed magneto-dielectric sub-

strate was also investigated. Strong surface wave propagation on magneto-dielectric

substrates has been highlighted for the first time with this analysis.

4. Investigating the application of the magneto-dielectric substrates for the miniatur-

ization of reactive impedance surfaces.

In addition to the antennas, the efficient miniaturization of the reactive impedance

surfaces using magneto-dielectric substrates was investigated along with the appli-

cation of these surfaces to the low-profile antennas. A reactive impedance surface

composed of two-layer periodic metal islands was explored using full-wave simula-

tions.
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5. Designing novel antennas with multiple beam directions for the 60 GHz WPAN ap-

plications

The size of the antenna is not an issue for the 60 GHz WPAN applications since the

high carrier frequency helps to miniaturize the antenna. However, compared to the

applications centered in the microwave frequencies, the constraints on the antenna

design are more complicated due to the increased material loss, substrate mode prop-

agation, and multipath reflections. Directive antennas with wide-bandwidth, high-

efficiency and ability to be used in array configurations are desired. Two novel slot

antenna designs satisfying these requirements have been proposed and implemented

in this research. Both of the antennas are easy-to-fabricate single-layer slot antenna

structures. The novelty of the designs comes from the modifications made to well-

known slot antenna designs to achieve multiple beam directions in their radiation

patterns. A multiple-beam radiation pattern has been proposed especially for the mo-

bile applications, as an alternative to pattern-reconfigurable antennas, to prevent the

user from being forced to orient the mobile device for successful wireless communi-

cations. Moreover, ground corrugations were used to eliminate the strong effects of

the surface-waves due to the higher-order mode propagation. Design guidelines have

been proposed for both antennas.

6. Designing stacked triangular patch antenna array configurations on RXP-based MLO

substrates for the 60 GHz WPAN applications

The RXP-based MLO substrates have been proposed to realize SOP technology

around the 60 GHz band. There is no work reported in the literature on the char-

acterization of these substrates for antenna applications. A novel stacked triangular

patch antenna array configuration on the RXP-based MLO substrates has been pro-

posed. The configuration integrates triangular patch antennas on the top and inner

layers of the RXP stack-up. In addition to the multilayer RXP substrate, the novelty

of the proposed stacked patch antenna array comes from the fact that triangular patch
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antennas with stubs were used instead of the conventional rectangular patch anten-

nas. The internationally available 7 GHz bandwidth centered around 60 GHz was

covered by merging coupled resonances. The principles behind the radiation of the

proposed antenna array and the details of the design process were investigated along

with design guidelines for the antenna designers.

1.1.1 Contributions

The contributions of this research can be listed as follows:

1. System-on-package integration of single- and dual-band monopole antennas using

the LCP-based rigid-flex substrates. The first demonstration of flexible antenna de-

signs integrated with the rigid SOP substrate.

2. Characterization of thin-film magneto-dielectric substrates using simple two-metal

layer microstrip structures.

3. Analysis of using magneto-dielectrics to miniaturize the microstrip patch antennas

and the analysis of surface wave propagation in the magneto-dielectric antenna sub-

strate.

4. Analysis of the miniaturization of reactive impedance surfaces using magneto-dielectric

substrates along with the application of these surfaces to the low-profile patch anten-

nas.

5. Design and optimization of single metal layer CPW-fed slot antenna designs with

multi-beam directive radiation patterns.

6. The first demonstration of the stacked triangular patch antenna array on RXP-based

MLO substrates.
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1.1.2 Organization

The rest of this thesis is organized as follows. Chapters 2, 3, 4 and 5 focus on antenna

applications in the microwave band (up to 10 GHz), where antenna miniaturization is de-

sired along with the integration. A conformal antenna configuration proposed to enable

system-on-package integration of the antenna for the 2.4/5 GHz applications is presented

in Chapter 2 in addition to the application of this configuration to single- and dual-band

antenna designs. Chapters 3, 4 and 5 are based on the characterization and applications of

the magneto-dielectric substrates to antennas and reactive impedance surfaces. The char-

acterization of the thin-film magneto-dielectrics are discussed in Chapter 3. The applica-

tion of these novel materials for antenna miniaturization is investigated in Chapter 4 using

the theory and simulation based approaches. Reactive impedance surfaces and the use

of magneto-dielectrics to effectively miniaturize these surfaces are discussed in Chapter 5

along with the application of these surfaces to antennas.

Chapters 6, 7 and 8 focus on the design and SOP integration of antennas on single and

multilayer organic substrates to operate in the 60 GHz WPAN band. A coplanar waveguide-

fed bi-directional linear tapered slot antenna is discussed in Chapter 6. Chapter 7 presents

another multi-beam directional slot antenna design called an H-shaped slot antenna. Minia-

turization of the antenna as well as eliminating the effects of the surface waves on the ra-

diation pattern are discussed in this chapter. Chapter 8 introduces a solution to the SOP

integration of the antennas using RXP-based multilayer substrates in the 60 GHz WPAN

band and presents a stacked triangular patch antenna array configuration.

The dissertation is concluded in Chapter 9.
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CHAPTER 2

CONFORMAL ANTENNAS ON LIQUID CRYSTALLINE
POLYMER BASED MULTILAYER RIGID-FLEX SUBSTRATES

The system-on-package (SOP) integration of the front-end module circuity on liquid crys-

talline polymer (LCP) based multilayer organic substrates has been proven to miniaturize

the size of the front-end module while improving its performance. However, the compact

and efficient integration of the antenna to the front-end module is still a major problem. One

reason for the difficulty in this integration is the large size of the antenna because of the

fundamental limits on its electrical length. The size of the antenna is particularly an issue

for the microwave frequency range used by most wireless mobile applications (1 GHz to 6

GHz). Another difficulty arises because of the undesired coupling between the antenna and

the module circuitry as the distance between the two is reduced. This results in a need for

the co-design of the antenna with the module circuitry or the package to prevent possible

de-tuning of the antenna and the RF circuits after integration [5].

Despite the difficulties mentioned above, the integration of the antenna directly on the

module package has the advantages of reduced loss and size. Integrating the antenna on

the module package can also eliminate the mismatch introduced by the coaxial cable con-

nections along with the associated loss and the cost of the cable. Thus, there is a need for a

novel technology to miniaturize the front-end module with the antenna integrated directly

on the module package.

In this chapter, conformal antenna configurations on rigid-flex LCP-based substrates are

proposed for the SOP-integration of the antenna. Section 2.1 reviews the state-of-the-art

methods used for the antenna integration. Next, the proposed multilayer module concept

with the integrated monopole antenna on the flexible substrate is presented in Section 2.2.

Several single- and dual-band antennas are presented in Sections 2.3, 2.4, 2.5, and 2.6.

The details of the design procedure for the proposed single- and dual-band antennas are
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Figure 4. Examples of antenna integration in state-of-the-art mobile devices.

explained along with the details of the fabrication process. The simulation results verified

with the measurement results are also provided in each section, followed by Section 2.7

which presents a comparison between the rigid-flex substrate proposed in this dissertation

and a rigid substrate. The integration of multiple antennas is also discussed for the proposed

configuration in Section 2.8 of this chapter. Finally, the chapter is concluded in section 2.9.

2.1 Review of Antenna Integration

The most straightforward method for integrating the antenna to the module is to place the

antenna at a distant location away from the circuits and to connect the two with a coaxial

cable. This method is widely utilized in the state-of-the-art mobile devices. As seen in Fig-

ure 4, the antenna or multiple antennas are usually placed along the edges of the case of the

mobile device, and the RF signals are carried through a long lossy coaxial cable. Although

this method is straightforward, the cable introduces mismatch and conductor losses into the

system. In an application of this method to printed antennas, the antenna is printed on the

package, leaving a separation with the rest of the circuitry to avoid undesired coupling. In

this case, the separation needed results in unused package space, which conflicts with the

miniaturization objective behind the integration.

A more compact method for the integration is to use the 3-D stacking approach of the

low-temperature co-fired ceramic (LTCC) technology, where a patch antenna is printed on
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top of the module circuitry [5], [12], and [13]. A dielectric resonator antenna can also be

employed [30] as an alternative to the microstrip patch antenna. A metal plane or a cavity

between the antenna and the circuit components can be used as a shielding mechanism

in this configuration. Since vertical real estate is used in this approach, this configuration

usually results in an increase in the overall height of the package.

Thin substrates or substrates with high dielectric constants can be used to decrease

the thickness of the package; however, achieving wide-band operation is harder for these

cases. Moreover, resonator antennas suffer from low-efficiency as the permittivity of the

substrate is increased. The efficient miniaturization of conductor-backed resonator antennas

is addressed in Chapter 4 and 5 of this dissertation.

The advantage of the LTCC integration method is that it is a multilayer technology.

Therefore, both the module circuitry and the antenna can be integrated into the package.

However, the LTCC is a more expensive solution for RF SOP applications compared to the

other technologies having the same integration capability. Additionally, the mismatch of

the coefficient of thermal expansion of LTCC with that of the printed circuit board (PCB)

can lead to reliability issues in highly-integrated front-end packages. Moreover, the cost of

the ceramic-based package and fabrication process prevent the LTCC package to be used

as the final PCB.

As an alternative to LTCC, LCP-based multilayer organic technology offers a low-cost,

low-profile, high-performance RF SOP solution with FR-4 compatible processes [31], [14],

[15], [16], [17], [18], and [19]. In addition to being a low-cost dielectric for a large panel

area fabrication process, LCP has a combination of good electrical and mechanical prop-

erties. LCP has a low dielectric constant of εr = 2.95 and a low loss tangent of 0.002

up to millimeter wave frequencies. LCP also has favorable mechanical properties such as

mechanical flexibility, a low coefficient of thermal expansion, and low moisture absorption

[31] [14]. Furthermore, LCP has the mechanical strength and low-cost to be the final PCB,

making it suitable for SOP applications.

16



Figure 5. Examples of conceptual phones introduced by leading phone companies as the foreseen
phones of the future.

Among all these properties, the mechanical flexibility of the LCP can enable low-profile

antenna solutions based on conformal configurations. Antennas on flexible substrates have

been utilized in some popular commercial devices, e.g., the iPhone, as shown in Figure 4b.

As seen in the figure, the antenna printed on a flexible, thin film can easily conform to the

shape of the device, making the integration easier. Moreover, emergent technologies such

as wearable electronics or the nanotechnology-based foldable electronics can also benefit

from low-cost conformal antenna configurations. As seen in Figure 5, the vision for future

phones, introduced by leading wireless phone companies such as Nokia and Samsung, is

based on thin, flexible devices capable of being used as a wrist band [32] [33].

The idea of using conformal antennas on flexible substrates for consumer applications

has also been investigated in [34]. In this paper, a dual-band antenna printed on a silicon

suspended parylene membrane has been proposed. Although the monopole presented in

[34] is on a flexible, low-profile substrate, the fabrication technique is a costly MEMS-

based procedure that includes high-temperature processes. Moreover, it is not a complete

solution, unlike the 3-D multilayer LCP technology, where the integration of the module

circuitry can also be handled successfully.

As mentioned earlier, a mechanism is required to protect the RF circuits from the radi-

ated fields of the antenna when the antenna is integrated in close proximity to the module.

The conventional on-board shielding metal case can be replaced with an on-package shield-

ing metal case to eliminate the need for a separation between the module circuitry and the
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antenna. The on-package shielding metal case is also employed in [35], where a bent-

monopole antenna is placed on the side of the shielding metal box. The antenna used in

[35] is a separate metal piece soldered to a feeding line on the package. This connection

method introduces mismatch into the system while adding a connection step into the inte-

gration. Moreover, integration of the antenna with the rest of the front-end circuitry still

remains an issue since the antenna is not printed on the same substrate with the module

circuitry.

2.2 Multilayer Module Concept with the Integrated Conformal An-
tenna

As shown in Figure 6, previous work on RF SOP has shown that high-performance front-

end modules with significant size reduction can be designed using 3-D integration of the

RF front-end functional blocks into LCP-based multilayer organic substrates. Examples

of the filter, low noise amplifier (LNA), voltage controlled oscillator (VCO), and mixer

designs using embedded passives in multilayer substrates can be found in the literature

[14], [15], [16], [17], [18], and [19]. However, the SOP-integration of the antennas with the

front-end module with high-efficiency and low-cost is still a significant problem. A novel

configuration to enable high-level integration of the antenna with the front-end module is

proposed in this thesis.

Conformal antennas fabricated on the LCP-based rigid-flex substrates, as proposed in

[36], can provide a promising solution to the antenna integration problem in SOP applica-

tions. In such a configuration, the advantages of the multilayer substrates in miniaturizing

the front-end module using embedded passives are combined with the flexibility of the LCP

to provide a solution for the antenna integration problem.

The proposed multilayer module concept, including the antenna integrated on the mod-

ule package, is shown in Figure 7. As seen in Figure 7, the antenna is printed on a thin,

flexible LCP layer, which protrudes from a rigid multilayer stack-up. The rigid part of the
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Figure 6. Extension of the RF receiver front-end on a multilayer organic-based package to include
on-package antenna integration. The references for the previous work shown are as follows: Local
oscillator [15], mixer [17], low-noise amplifier [19], antenna [36].
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Figure 7. Proposed multilayer module concept using the conformal antenna on a flexible layer of LCP.
The abbreviations used in the figure stand for power amplifier (PA) and transceiver (XCVR).

substrate includes module components such as filters, mixers, VCOs, balun, LNA, and the

matching circuitries constructed with the embedded passives printed on different layers of

the substrate. The power amplifier (PA) and the transceiver (XCVR) chip are placed on the

top layer of the rigid substrate and enclosed by an on-package shielding metal case, which

serves as a part of the front-end module package. The shielding metal case eliminates the

need for a separation between the module circuitry and the antenna to protect the RF cir-

cuits from the radiated fields of the antenna. The antenna is printed on the flexible part of

the substrate and folded over the metal case to result in compact integration. The possible

configurations of the antenna are illustrated in Figure 7 with dashed lines.

Several antennas have been designed on LCP-based rigid-flex substrates to verify this

concept. First, a single-band meander monopole antenna has been designed on a two-layer

substrate. Then, this single-band meander design has been extended to a dual-band design,

such that both the 2.4/5.2 GHz WLAN bands were covered. Next, an L-shaped monopole

design has been proposed to increase the bandwidth for additional coverage of WiMAX

bands. The single-band L-shaped monopole design has also been extended to a dual-band

design similar to the meander antenna case. The details of the designed structures and the

fabrication processes are explained in the following sections.
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Figure 8. Cross-section of the two-layer rigid-flex substrate.

2.3 Single-band Meander Antenna on a Two-layer Rigid-flex Substrate
2.3.1 Structure Description

In this part, a single-band meander monopole antenna on a two-layer rigid-flex substrate

is introduced. A meander design is preferred because of its ability to achieve the required

length of the current path within a compact size.

The substrate of the antenna is composed of two layers of dielectric, as shown in Figure

8. The top layer is a 25 µm thick LCP layer with a size of 18 mm × 25 mm. The bottom

layer is a 508 µm rigid, glass-reinforced organic dielectric layer (prepreg) with a size of

18 mm×9 mm. The LCP layer has a dielectric constant of 2.95 and a loss tangent of 0.002.

The prepreg layer has a loss tangent of 0.0037 and a dielectric constant of 3.48.

As seen in Figure 8, the protruding portion of the LCP layer is not supported by the

prepreg layer; thus, the LCP layer can easily be conformed using the advantage of its

mechanical flexibility. There are three metal layers available in this stack-up, labeled as

M1, M2 and, M3 in Figure 8. The antenna and the feeding microstrip line are printed on

M1. The antenna is positioned on the protruding part of the LCP making it possible to

bend, fold and roll the antenna, leading to a compact antenna design. The ground reference

for the antenna is printed on M3, and M2 is not occupied in this design.

A commercial 3-D electromagnetic simulator, High Frequency Structure Simulator

(HFSS) [37] was used to optimize the dimensions of the antenna to obtain a resonant fre-

quency of 5.9 GHz. The final dimensions of the design are shown in Figure 9. Given the

width of the meander antenna, w = 3.5 mm, and the gap between the meandered sections,

g = 1 mm, the total length of the antenna was found as 16.5 mm, which is equal to 0.33λ0

at the resonant frequency. The antenna is excited with a 50Ω microstrip line with length
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Figure 9. Details of the optimized design. (a) Top view, (b) Bottom view, (c) Side view.

L1 = 10 mm, which is printed on the rigid part of the substrate. The ground plane of the

signal line covers the bottom of the rigid substrate with a size of 18 mm × 9 mm.

2.3.2 Fabrication

The single-band meander antenna on a two-layer substrate was fabricated using a novel,

low-cost, multilayer rigid-flex LCP process [4]. This process technology employs only low

temperature FR-4 compatible processes (all < 290 ◦C). As mentioned earlier, the antenna

and the feeding microstrip line were printed on a 25 µm thick LCP layer. Multiple layers

of a low-loss glass-reinforced adhesive dielectric were bonded with the LCP to form the

rigid part of the substrate. The single-band antenna was designed on a two-layer stack-up

to prove the concept. A three-layer balanced stack-up is discussed in the following sections

of this chapter.

The fabrication of the rigid-flex antenna substrate follows the process flow chart shown

in Figure 10. The designs were fabricated on a 9′′ × 11′′ board. The first step of the

process is patterning the metal layer M1 on the LCP core layer. Next, the cavities below the

antenna structures were formed by the precision mechanical routing of a stack-up formed

with prepreg layers and a copper layer to realize M3. The copper layer was placed at the

bottom of the stack-up, followed by five layers of 101.6 µm thick prepreg and the 25 µm

thick LCP layer on top. An alignment board was used throughout the process to prevent
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Figure 10. Steps followed during the fabrication of the conformal single-band antenna on a rigid-flex
substrate.

Figure 11. Photos of the fabricated single-band meander antenna prototype. (a)-(b) Straight configu-
ration, (c)-(d) Rolled configuration.

misplacement. The alignment step was followed by the multilayer lamination (< 290 ◦C)

to bond the LCP with the adhesive prepreg layers. The metal layer M3 was patterned

with wet chemical processing. Finally, the antenna elements were singulated by precision

mechanical routing.

The photos of the fabricated prototype are presented in Figure 11. As seen in the photos,

the 25 µm thick LCP layer is flexible enough to be rolled, showing the potential of the LCP

as a conformal antenna substrate.

2.3.3 Simulation and Measurement Results

The return loss of the antenna was measured by using an Agilent E8363B vector network

analyzer. An SMA connector was soldered directly onto the microstrip line without using
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Figure 12. Simulated and measured S11 data of the fabricated single-band antenna.

any tuning components. During simulations, the antenna was considered in straight config-

uration. A comparison between the simulated and the measured return loss of the antenna

for this configuration is presented in Figure 12, where good agreement is observed between

simulation and measurement. The measurements were repeated for the folded and rolled

cases of the antenna, and the results are shown in Figure 13. As seen in the figure, the

measured return loss of the antenna does not change much for different configurations.

The simulated far field patterns of the antenna for a straight configuration are presented

in Figure 14. The antenna has a nearly omni-directional pattern like that of a dipole, and

the simulated peak gain of the antenna was found as 2.5 dB at a resonant frequency of 6

GHz.

2.4 Dual-band Meander Antenna Structure

In this part, the single-band operation of the meander antenna is extended to dual-band

operation such that 2.4/5.2 GHz WLAN bands are both covered. The dual-band coverage is

achieved by adding an extra resonator and changing the orientation of the meander antenna.

The antenna is positioned on a vertical substrate, obtained by folding the flexible part of

the substrate. The details of the structure as well as the measurement and simulation results
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Figure 13. Measured S11 data of the fabricated single-band antenna for different configurations.

Figure 14. Simulated radiation patterns of the fabricated single-band antenna at 6 GHz.
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Figure 15. Cross-section of the balanced stack-up used for the dual-band meander antenna.

are presented in the following sections.

2.4.1 Structure Description

The details of the proposed dual-band meander structure are discussed in this section. Ex-

tended from the single-band antenna substrate, the substrate is a balanced rigid-flex sub-

strate composed of three layers of low-loss dielectrics, as shown in Figure 15. In this

stack-up, a 25 µm thick LCP layer is supported by 508 µm thick top and bottom prepreg

layers.

The substrate consists of a flexible part for the antenna and a rigid part to house the

signal lines and the module circuitry, as shown in Figure 7. The 30 mm×45 mm LCP layer

is between the 30 mm×35 mm rigid prepreg layers. This middle LCP layer protrudes from

one edge of the substrate; thus, it provides a 10 mm long flexible substrate for the antenna

using the mechanical flexibility of LCP.

As seen from the cross-section of the substrate shown in Figure 15, there are four metal

layers in this stack-up [M1-M4]. The antenna is fabricated on the protruded portion of M2,

so that it can be bent, folded, or even rolled, resulting in a compact design. The microstrip

signal lines feeding the antenna are on M1 and M2. Metal layer M4 serves as the ground

reference for the signal lines and the antenna. M3 is left unused in this design.

The details of the proposed antenna structure integrated with the shielding metal case

are presented in Figure 16. As shown in Figure 16b, the antenna is composed of two

resonating structures to support dual-band operation. The lower band is covered by a me-

ander line element resonating around 2.4 GHz, while the upper resonance is obtained by

a quarter-wave long antenna element resonating around 5.2 GHz. Both of the resonating
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Figure 16. Details of the meander dual-band antenna. (a) Bottom view (straight), (b) Top view
(straight), (c) Side view (straight), (d) Side view (folded).

elements are printed on M2. The meander line antenna element with width, w = 3 mm,

gap, g = 0.7 mm, and height, h1 = 1 mm, is positioned on the flexible portion of the LCP,

such that it will be vertical to the substrate when the flexible portion is folded, as shown

in Fig 16d. The quarter-wavelength long element with l1 = 8 mm, is embedded inside the

rigid part, which is not covered by the ground metal. This region is labeled as h2 = 7.5 mm

in Figure 16a.

The antenna is excited through a 50Ω microstrip line printed along the rigid part of

M2 with length L1 = 22 mm. To enable the use of an edge-mount SMA connector for the

measurements, the signal line on M2 is connected to another 50Ω signal line on M1 by

two through holes. The through holes are isolated from the ground plane by a rectangular

clearance area, as shown in Figure 16a. The widths of the 50Ω signal lines on M1 and M2

are 1.2 mm and 0.9 mm, respectively. These values were found by considering the traces to

be in stripline configurations because of the presence of the grounded metal box. A tapered

transition is used at the edge of the substrate to account for the changes in the impedance

in the absence of the metal box.

The shielding metal case is a hollow metal box with a size of 28 mm× 23 mm× 3 mm,
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Figure 17. Simulated surface current distribution of the dual-band antenna. (a) 2.45 GHz, (b) 5.2 GHz.

and it is constructed by bending an 80 µm thick copper sheet. The metal box is electri-

cally connected to a rectangular metal trace printed on metal layer M1, which is shorted to

ground by a series of through holes. The metal box not only protects the module circuitry

from the undesired coupling to the nearby conducting elements and the radiated fields of

the antenna, but it also serves as a ground reference for the antenna.

2.4.2 Design Based on Simulation

HFSS [37] was used to optimize the proposed structure. The antenna was designed to be

used in the folded configuration, in which the protruding flexible LCP portion is folded

over the shielding metal case, as shown in Figure 16d.

The surface current graphs at 2.45 GHz and 5.2 GHz are shown in Figure 17. As seen

from the figure, the meander resonator is excited at 2.45 GHz, while the quarter-wavelength

element is excited at 5.2 GHz. Since the resonance frequencies are determined by the

lengths of the current paths for the resonator antennas, the lengths of the structures were

tuned to cover the desired bands. Other parameters affecting the resonant frequencies and

the matching of the antenna were found to be the separation distance between the shielding

metal case and the antenna elements, the gap between the arms of the meander resonator,

the width and height of the meander resonator, and the separation distance between the

ground metal and the antenna elements.
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During simulations, it was found that a minimum distance of 8 mm is required between

the vertical folded part and the shielding metal case to obtain the desired return loss values.

This resulted in a substrate size of 30 mm × 35 mm. The final size of the ground metal on

M4 was found to be 30 mm × 27.5 mm, leaving an h2 = 7.5 mm wide part near the folded

edge of the substrate without the ground metal.

2.4.3 Fabrication

The fabrication of the dual-band antenna on a three-layer rigid-flex substrate follows similar

steps to the ones explained for the fabrication of the single-band antenna on a two-layer sub-

strate. Although additional steps were required to increase the number of layers and to form

via connections, the overall process is still a low-cost, FR-4 compatible, low-temperature

process.

As mentioned in the structure description, the antenna signal traces and the resonating

structures were printed on a 25 µm thick LCP layer. The rigid part of the substrate was

formed by bonding multiple layers of a low-loss glass-reinforced adhesive dielectric with

the LCP. A stack-up with only three layers of dielectrics was used in this design to prove the

concept. In the case of the module integration, the number of LCP layers can be increased

to create more real estate for the embedded passives realizing the module circuitry. The

thickness of the substrate and the position of the ground metal can also be adjusted based

on the thickness and the number of prepreg and LCP layers. If necessary, based on the

application, even the rigid part of the substrate can be made more flexible by changing the

number and the thicknesses of the laminate layers.

The fabrication of the rigid-flex antenna substrate follows the process flow chart shown

in Figure 18. The first step is patterning the metal layer M2 on the LCP core layer. Next, the

cavities above and below the antenna structures were formed by the precision mechanical

routing of the prepreg layers. The prepreg layers were placed on a board with alignment

pins, as shown in Figure 19a, to prevent registration errors. Five layers of 101.6 µm thick

prepreg layers were used on each side of the LCP layer to realize the 508 µm thickness on

29



Figure 18. Steps followed during the fabrication of the antennas on the balanced stack-up.

Figure 19. Photos of the alignment step during fabrication. (a) Bottom prepreg layers placed on the
alignment board after forming the cavities. (b) Total stack-up including the middle LCP layer and the
top prepreg layers. (c) The metal copper layer placed to form metal layer M4.

each side. The LCP layer was placed between the prepreg layers, as shown in Figures 19b

and 19c. Two copper layers were also placed at the top and the bottom of the stack-up, as

shown in Figure 19c, to realize the metal layers M1 and M4 in Figure 15. Cavities were

drilled on these copper layers similar to the ones on the prepreg layers. The alignment

step was followed by multilayer lamination (< 290 ◦C) to bond the LCP with the adhesive

prepreg layers.

After the multilayer lamination step, through holes were mechanically drilled and plated

using both electroless and electrolytic copper plating to form vertical interconnections. Pat-

terning the metal layers M1 and M4 was done by wet chemical processing. X-ray photos
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Figure 20. X-ray photos showing the critical via connections.

Figure 21. Photos of the fabricated dual-band meander antenna. (a) Antenna, (b) Antenna with the
metal case, (c) Folded configuration, (d) Perspective view.

were taken to check the metallization of vias. As seen in Figure 20, the critical vias con-

necting the two signal lines were metallized properly. Finally, antenna elements were sin-

gulated by precision mechanical routing. Designs were fabricated on a 9′′ × 12′′ panel,

using large-area PCB tooling, resulting in a low-cost implementation that can be easily

scaled to larger panel sizes for further cost reduction.

The photos of the fabricated prototype are presented in Figure 21. The shielding metal

box and an SMA connector were mounted on the substrate, as shown in Figure 21b. Then,

the flexible substrate of the antenna was folded over the metal case, as seen in Figure 21c

and Figure 21d.
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Figure 22. Simulated and measured S11 data of the dual-band meander antenna.

2.4.4 Simulation and Measurement Results

The simulated and measured return loss results of the fabricated antenna are shown in

Figure 22. As seen in Figure 22, good agreement is observed between the measured and

the simulated results. The measured 10 dB bandwidth of the antenna is 215 MHz (2248

MHz-2465 MHz) for the 2.4 GHz band and 800 MHz (4622 MHz-5423 MHz) for the 5

GHz WLAN band.

The resonance observed around 7.6 GHz in both the simulation and the measurement

data is the box resonance, corresponding to the dominant TM mode of a partially-loaded

rectangular cavity resonator with a size of 23 mm × 28 mm × 4 mm [38], [39]. Since the

shielding metal box is shorted to ground with a series of vias, the box acts like a closed rect-

angular cavity partially-filled with the rigid substrate of the proposed structure. It should

be noted that the box resonance frequency falls out of the band of interest as desired.

The far field of the fabricated antenna was also measured at 2.4 GHz and 5.2 GHz. The

simulated and measured radiation patterns of the antenna in the x-y, y-z, and x-z planes are

shown in Figures 23 and 24. As seen in the figures, the measured patterns agree well with

the simulation results. The correlation between the measured and the simulated results is

particularly good for the x-y plane since the effects of the SMA connector are eliminated
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Figure 23. Simulated and measured far field patterns of the dual-band meander antenna at 2.4 GHz.

in the x-y plane. It should also be noted that the overall radiation pattern of the antenna

has a nearly omni-directional pattern, which is desirable especially for mobile applications.

The simulated and the measured peak gains of the antenna for 2.4 GHz and 5.2 GHz were

found as 1.33 dB and 0.32 dB, and 3.4 dB and 2.42 dB, respectively. The slight difference

may be attributed to the SMA connector and cable errors introduced in the measurement.

2.5 L-shaped Single-band Monopole

The single-band meander antenna structure was successfully extended into a dual-band

structure, such that both the 2.4 GHz and 5.2 GHz WLAN bands were covered. However,

optimization of the design required many iterations since there were many design parame-

ters affecting the resonance frequencies and the matching of the antenna. As an alternative

to the meander antenna, an inverted L-shaped monopole was chosen because it is a more

compact, easy to design antenna, capable of providing wide bandwidth. First, a single-band

antenna was designed to cover the 5 GHz WLAN and WiMAX bands. Then, the design
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Figure 24. Simulated and measured far field patterns of the dual-band meander antenna at 5.2 GHz.

was transformed into a dual-band antenna to include the 2.4 GHz WLAN band as well.

In this section, the details and the measurement and simulation results of the single-band

inverted L-shaped antenna are discussed.

2.5.1 Structure Description

The antenna substrate has the same stack-up with that of the dual-band meander antenna,

as shown in Figure 8. The 30 mm×45 mm LCP layer is between the 30 mm×33 mm rigid

prepreg layers. The 12 mm long protruding portion of the LCP layer provides a flexible

substrate for the antenna.

The antenna structure used in this design is an inverted L-shaped monopole since it can

provide wide bandwidth with a relatively small size. The details of the proposed antenna

structure integrated with the shielding metal case are presented in Figure 25. As shown in

the figure, the antenna consists of an L-shaped structure with width, w = 1 mm, length,

l1 = 8.5 mm, height, h1 = 2.3 mm, and an embedded part, h2 = 4 mm. This embedded part

34



Figure 25. Details of the fabricated single-band L-shaped antenna. (a) Bottom view (straight), (b) Top
view (straight), (c) Side view (straight), (d) Side view (folded).

is the portion of the signal line on metal layer M2 that is not covered by the bottom ground

plane. The layout of the feed lines is similar to the layout in the meander antenna design.

The microstrip lines are on M1 and M2, with lengths L1 = 19 mm and L2 = 12 mm, and

they are connected with two through holes. The shielding metal case was also modeled as

a part of the module package.

2.5.2 Design Based on Simulation

HFSS [37] was used during the optimization of the design. The antenna was optimized to

be used in the folded configuration, in which the protruding flexible LCP portion is folded

over the shielding metal case, as shown in Figure 25d.

During the design process, it was found that the primary parameters affecting the match-

ing and the resonant frequency of the antenna are the length of the antenna, l1, the height

of the antenna, h1, and the distance of the bottom ground plane to the antenna, h2. A series

of parametric sweep simulations was performed to study the effect of these parameters on

the matching of the antenna.

The simulated return loss data obtained for three different values of antenna length l1 =

7.5 mm, 8.5 mm and 9.5 mm with h1 = 2.3 mm and h2 = 4 mm are shown in Figure 26.
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Figure 26. Simulated S11 data for different values of l1 (h1 = 2.3 mm and h2 = 4 mm).

The resonance frequency of the antenna decreases as the length of the L-shaped radiating

structure, l1, is increased. This is expected because of the increase in the electrical length

of the antenna as l1 is increased. Furthermore, the bandwidth and the matching level of

the antenna are also affected as l1 is changed. This may be because of the change in the

capacitive coupling of the antenna to the vertical ground provided by the metal box.

For the fixed value of l1 = 8.5 mm, the effect of the antenna height, h1, was studied by

simulating the structure for h1 = 2.3 mm, 4 mm and 5 mm. The distance from the ground,

h2, was kept as 2.5 mm for these simulations. As seen in Figure 27, the antenna resonance

frequency shifts to upper frequencies as h1 is decreased.

Finally, the effects of the distance from the ground, h2, was studied by simulating the

structure for h2 = 2.5 mm, 3 mm, and 4 mm with l1 = 8.5 mm and h1 = 2.3 mm. As

shown in Figure 28, h2 affects the bandwidth and the resonance frequency of the antenna.

Final values for the fabricated structure were chosen as l1 = 8.5 mm, h1 = 2.3 mm, and

h2 = 4 mm to cover 5 GHz WLAN and WiMAX bands. It was found from the parametric

sweeps for h1 and h2 that both h1 and h2 change the resonance frequency of the antenna.

In other words, both h1 and h2 contribute to the resonance electrical length of the antenna.

The total length, L = l1 + h1 + h2, of the optimized design was found to be approximately
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Figure 27. Simulated S11 data for different values of h1 (h2 = 2.5 mm and l1 = 8.5 mm).

0.28λ0 at a resonant frequency of 5.8 GHz.

2.5.3 Fabrication

A prototype of the antenna was fabricated in the same board with the dual-band meander

antenna. Therefore, the fabrication follows the same steps explained for the dual-band

meander antenna. The photos of the fabricated prototype are shown in Figure 29.

2.5.4 Simulation and Measurement Results

Figure 30 shows the simulated and measured results for the S11 of the fabricated prototype.

As seen in Figure 30, good agreement is observed between the measured and the simulated

results. The measured 10 dB bandwidth of the antenna is 1070 MHz (4710 MHz-5780

MHz) covering most of the 5 GHz WLAN (5150 MHz-5825 MHz) and WiMAX band

(5250 MHz-5850 MHz). The return loss value at the upper frequency of the WiMAX

band is measured to be -8.5 dB, which is an acceptable value for wireless applications.

As mentioned for the previous designs explained in this chapter, the resonance observed

around 7.6 GHz in both the simulation and the measurement data in Figure 30 is the box

resonance corresponding to the dominant TM mode of a partially loaded rectangular cavity

resonator with a size of 23 mm × 28 mm × 4 mm [20], [21].
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Figure 28. Simulated S11 data for different values of h2 (h1 = 2.3 mm and l1 = 8.5 mm).

Figure 29. Photos of the fabricated prototype. (a) Antenna, (b) Antenna with the metal case, (c) Folded
configuration, (d) Side view.

Figure 30. Simulated and measured S11 data of the single-band L-shaped antenna.
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Figure 31. Simulated and measured radiation patterns of the single-band L-shaped antenna at 5.2 GHz.

The far field of the fabricated antenna was also measured at 5.2 GHz. The simulated

and measured radiation patterns of the antenna on the x-y, y-z, and x-z planes are shown

in Figure 31. As seen in Figure 31, the measured patterns agree well with the simulation

results. The correlation between the measured and the simulated results is particularly good

for the x-y plane since the effects of the SMA connector are eliminated in the x-y plane.

It should also be noted that, the overall radiation pattern of the antenna has a nearly omni-

directional pattern, which is desirable for mobile applications. The radiation pattern has

two slight nulls approximately on the φ = 45◦ and φ = 135◦ planes owing to the fact that

the radiating structure is composed of three orthogonal resonators, labeled as l1, h1 and h2

in Figure 25. The measured and simulated peak gains of the antenna at 5.2 GHz are 1.74 dB

and 2.75 dB, respectively. The slight difference may be attributed to the SMA connection

and the cable errors introduced in the measurement.
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2.6 Dual-band L-shaped Antenna for 2.4/5.2 GHz WLAN and WiMAX
Applications

2.6.1 Structure Description

The single-band L-shaped antenna was transformed to a dual-band antenna such that the

operation frequency covers both the 2.4 GHz and 5 GHz WLAN/WiMAX bands. This

was achieved by including an additional radiating structure resonating at 2.4 GHz. The

compactness of the design was preserved by choosing the second radiator as a meandered

structure. The meandered line was embedded in the rigid part of the substrate, using the

unoccupied separation area between the antenna and the ground, which is labeled as h2 in

Figure 25. This way, a dual-band antenna was designed with only a 2 mm size increase in

one of the dimensions compared to the single-band structure.

The details of the final dual-band antenna are shown in Figure 32. The dual-band

antenna was printed using the same stack-up with the single-band antenna, as shown in

Figure 15. The meandered structure was printed on the same metal layer, M2, with the

inverse L-shaped monopole, as shown in Figure 32b.

Figure 32. Details of the proposed dual-band antenna structure integrated with the module case. (a)
Bottom view (straight), (b) Top view (straight), (c) Side view (straight), (d) Side view (folded).
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Figure 33. Simulated surface current distribution of the proposed dual-band antenna in folded config-
uration at (a) 2.4 GHz and (b) 5.2 GHz.

2.6.2 Design Based on Simulation

Similar to the single-band L-shaped antenna, the optimization of the dual-band antenna

performance for the folded configuration was achieved using HFSS. Figure 33 shows the

surface current distributions of the antenna in the folded configuration at 2.4 GHz and 5.2

GHz. The substrate layers are made invisible in the plots to make the current distribution

on the embedded meander resonator visible. As seen in Figure 33, the currents on the

L-shaped resonator are stronger at 5.2 GHz; whereas, the meander resonator has stronger

currents at 2.4 GHz. The current distribution in Figure 33b implies that the meander is a

full-guided-wavelength long (λg) resonator at 2.4 GHz with a current null separating two

λg/2 long sections.

Although a half-wavelength structure can also provide the desired resonance, a full-

wavelength resonator was preferred to achieve the necessary 10 dB bandwidth in the 2.4

GHz band. As seen from the Smith chart shown in Figure 34, the real part of the input

impedance of the half-wavelength long resonator antenna is lower than the full-wavelength

long structure, resulting in poor matching. The matching of the half-wavelength structure

can be improved by increasing the separation from the ground plane, labeled as h2 in Figure
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Figure 34. S11 comparison of a λg long and a λg/2 long structures on Smith chart.

32. However, this conflicts with the aim of the miniaturization. An elegant solution for a

fully-integrated system, such as one shown in Figure 7, is replacing the conventional 50

Ohm matching impedance with another impedance value such that both the antenna and

the duplexer are optimized simultaneously. This can be achieved in an SOP architecture

since embedded components can be co-designed based on optimized impedance values

without being limited to 50 Ohm standard. The antenna size can be further decreased with

this approach while improving the performance.

A 50 Ohm matching was followed in the design of the antenna prototype since a 50

Ohm edge-mount SMA connector was used during measurements. As seen in Figure 34,

the full-wavelength resonator can be well-matched to 50 Ohms in the VSWR62:1 circle.

The optimization of the antenna for the 2.4 GHz band was done by tuning the separation

between the arms of the meander and the total length of the meandered structure while the

design rules obtained for the single-band L-shaped antenna were applied to optimize the

antenna operation in the 5 GHz band. The final values of the parameters shown in Figure 17

can be listed as follows: l1 = 8.5 mm, h1 = 2.5 mm, h2 = 6.5 mm, w = 1 mm, s = 2 mm,

l2 = 24 mm, l3 = 5.5 mm, L1 = 21 mm, L2 = 12 mm, and the width of the meandered

line is 0.5 mm. The full wavelength aspect of the antenna can be verified by calculating the
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Figure 35. Simulated and measured return loss data for 2.4/5 GHz L-shaped dual-band antenna.

length of the current-path as L = h2 + l2 + 2s + l3 = 64 mm, which is equal to 0.98λg at 2.45

GHz.

2.6.3 Simulation and Measurement Results

The simulated and measured return loss results of the conformal dual-band antenna are

shown in Figure 35. The measured return loss of the single-band antenna is also included

in Figure 35 for comparison. The 2.4 GHz band created by the meandered resonator is

clearly seen in the figure. The measured 10 dB bandwidths of the dual-band antenna are

90 MHz (2435 MHz-2445 MHz) for the 2.4 GHz band and 1000 MHz (4750 MHz-5750

MHz) for the 5 GHz WLAN band. The bandwidth of the antenna in the 2.4 GHz band can

be improved by slightly decreasing the end length, l3, or increasing the separation between

the arms of the meander, s. As in the case of single-band antenna, a slight shift in the

resonance frequency is observed in the 5 GHz band due to the enlargement of the prepreg

layers, affecting the folding of the antenna.

The reason for the small shift in the measured resonance frequency of the antenna

for the 5 GHz band was investigated using a series of simulations, where the fabrication
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Figure 36. Comparison of the cross-sections of the stack-up in the simulation model and the fabricated
prototype. The pressure and the heat applied in the lamination step result in the enlargement of the
prepreg layers toward the cavities. This enlargement affects the folding of the flexible substrate.

tolerances for the via misplacement and the signal misalignment were modeled. It was

found from these simulations that the S11 of the antenna is not affected considerably from

the misalignment of the signal lines on metal layers M1 and M2 or the misplacement of the

critical via connections between these signal lines.

Another possibility investigated as the reason of the shift in the measured resonance

frequency of the antenna was the difference between the folding of the flexible substrate

in the fabricated prototype and in the HFSS model. The difference in the folding can be

explained as a result of the enlargement of the prepreg layers toward the cavities, as shown

in Figure 36, because of the pressure and the heat applied during the multilayer lamination

step of the fabrication. When the prepreg layers expand, the separation between the antenna

and the ground plane, labeled as h2 in Figure 32a, increases and the height of the L-shaped

resonator, labeled as h1 in Figure 32b, decreases. The deviation from the optimized values

of the final design, in turn, changes the capacitive coupling of the antenna to the ground

plane and the shielding metal box, which is observed as a shift in the resonance frequency

of the antenna. The change in the resonance frequency can be avoided by compensating

for the enlargement of the prepreg layers when mechanically routing the cavities before

lamination.
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Figure 37. S11 comparison of the antenna to observe the effect of the enlargement of the prepreg layer.

The effect of the enlarged prepreg layers was captured with an HFSS simulation, where

the width of the rigid part of the substrate was increased by 0.5 mm to model the enlarge-

ment of the prepreg layers. In this simulation, the h1 + h2 summation was kept the same

with the value in the optimized design. The comparison of the S11 data is shown in Figure

37. As seen in the figure, when the folding is further away by 0.5 mm, the resonance fre-

quency of the antenna decreases similar to the measured S11. This result supports the idea

that the shift in the measured resonance frequency of the antenna is due to the enlargement

of the prepreg layers during the multilayer lamination step.

Furthermore, the additional resonances seen in Figure 35 at 3.7 GHz and 7 GHz were

also studied. These frequencies correspond to the harmonic resonances of the meander

structure when it is 1.5λg and 2.5λg long. This can be verified by analyzing the surface

current distributions of the meander structure at 3.7 GHz and 7 GHz, as shown in Figure 38.

As seen in Figure 38a, there are two current nulls separating three λg/2 long sections at 3.7

GHz. The resonance at 7 GHz is supported with the currents on both the L-shaped resonator

and the meander, and there are four current nulls on the meander structure. The resonance

at 3.7 GHz can be avoided by replacing the full-wavelength long meander resonator with
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Figure 38. Simulated surface current distribution of the proposed dual-band antenna at (a) 3.7 GHz
and (b) 7 GHz.

a half-wavelength long resonator; however, this was not possible due to the limitations in

the matching of the antenna, as mentioned earlier. A resonance around 7 GHz is observed

even when a half-wavelength long resonator is used.

The radiation patterns of the dual-band antenna were also measured at 2.4 GHz and

5.2 GHz. The results are presented in Figures 39 and 40. Good correlation between the

simulation and the measurement results is observed similar to the single-band antenna. The

simulated and measured peak gains of the antenna were found as 1.47 dB and 0.52 dB for

2.4 GHz, while the values were 3.9 dB and 2.92 dB for 5.2 GHz, respectively. The radiation

pattern at 2.4 GHz is a dipole like pattern with a null along z-axis since only the vertical

current elements, labeled as s and h2 in Figure 32, contribute to the radiation, while the

fields of the horizontal components, labeled as l2 and l3, cancel each other. On the other

hand, the pattern at 5.2 GHz has two nulls approximately along the φ = 45◦ and φ = 135◦

axes due to the existence of orthogonal resonators for the 5 GHz band.
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Figure 39. Simulated and measured radiation patterns of the dual-band antenna at 2.4 GHz.

Figure 40. Simulated and measured radiation patterns of the dual-band antenna at 5.2 GHz.
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Figure 41. Comparison of the single-band L-shaped antenna designs on rigid and rigid-flex substrates.
(a) Side view (rigid), (b)Top view (rigid), (c) Top view, straight (rigid-flex), (d) Side view, straight (rigid-
flex), e) Side view, folded (rigid-flex).

2.7 Comparison with a Rigid Substrate

The single-band L-shaped antenna was redesigned on a totally rigid substrate to observe

the advantages of the conformal configuration proposed in this research. The stack-up in

Figure 15 was used as the rigid substrate without the protruding part. Figure 41 shows the

details of the both antenna designs on rigid-flex and totally rigid substrates side-by-side.

The antenna is on the metal layer M2 in both designs. However, the antenna is embedded

in the substrate for the rigid substrate case; whereas, it is positioned on the flexible portion

for the rigid-flex substrate. The dimensions of the signal lines and the metal box are the

same with the values provided for the designs explained previously.

The final dimensions of the antenna on the rigid substrate were found as l1 = 5 mm,

L1 = 22.5 mm and h2 = 6.5 mm with a substrate area of 30 mm × 39 mm. Since the con-

formal antenna on the rigid-flex substrate is designed to be used in the folded configuration

as in Figure 41e, the final size of the rigid-flex structure is determined only with the size of

the rigid part of the substrate, which is 33 mm × 30 mm. These values show that a 6 mm

decrease in the width of the substrate can be achieved by using the flexibility of the LCP
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Figure 42. S11 comparison of the single-band L-shaped antenna designs on rigid and rigid-flex sub-
strates.

substrate.

The comparison of the simulated S11 data of both antennas is presented in Figure 42.

As seen in the figure, the antenna on the rigid substrate has a wider bandwidth than that

of the conformal antenna on the rigid-flex substrate. The wider bandwidth is a result of

merging two resonances, created by the parts of the antenna labeled as l1 and h2 in Figure

41b. The part labeled as h2 in Figure 41b represents the part that is not covered with the

ground plane. Therefore, this part also acts like a λ/4 long monopole antenna and creates

a resonance close to that of the part labeled as l1 in Figure 41b.

The far field of the antenna on the rigid substrate was also simulated. It was found that

both designs have similar far field patterns. The simulated peak gain of the antenna on the

rigid substrate at 5.5 GHz was found as 3.2 dB compared to 2.9 dB gain of the conformal

antenna.
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Figure 43. First configuration enabling integration of two conformal antennas. (a) Bottom view
(straight), (b) Top view (straight), (c) Side view (straight), (d) Side view (folded).

2.8 Integration of Two Antennas

The integration of two conformal antennas has also been investigated by extending the flex-

ible LCP substrates on multiple edges. Figure 43 and Figure 44 show two configurations,

where two single-band L-shaped antennas are placed on flexible substrates protruding from

two different edges of the rigid substrate.

The simulated S-parameters of the first configuration presented in Figure 43 are shown

in Figure 45. As seen in Figure 45, mutual coupling (S12) between the antenna ports is high

since the antennas are coupled through common ground plane currents, and they are in

the close proximity of each other. The interaction between the antennas can be decreased

by using electromagnetic band-gap structures that prevent the surface-wave propagation.

Similar results were obtained for the second configuration in Figure 44.

2.9 Conclusions

In this chapter, a novel conformal antenna configuration has been proposed to integrate

the antenna directly on the module package. This configuration complements the previous

work on the miniaturization of the front-end module by enabling the SOP integration of
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Figure 44. Second configuration enabling integration of two conformal antennas. (a) Bottom view
(straight), (b) Top view (straight), (c) Side view (straight), (d) Side view (folded).

Figure 45. Simulated S-parameters of the first configuration shown in Figure 43.
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Table 1. Summary of the designs covered in this chapter.

Substrate Antenna Size Bandwidth Peak Gain

Rigid-flex Single-Band 18mm × 25mm 5500-7000 MHz 2.5 dB at 6 GHz

Meander Antenna

Rigid-flex Dual-Band 30mm × 27.5mm 2248-2465 MHz 1.33 dB at 2.4 GHz

Meander Antenna 4622-5423 MHz 3.4 dB at 5.2 GHz

Rigid-flex Single-Band 30mm × 33mm 4710-5780 MHz 2.75 dB at 5.2 GHz

L-shaped Antenna

Rigid-flex Dual-Band 30mm × 35mm 2435-2445 MHz 1.47 dB at 2.4 GHz

L-shaped Antenna 3.9 dB at 5.2 GHz

Rigid Single-Band 30mm × 39mm 3600-6750 MHz 3.2 dB at 5.5 GHz

L-shaped Antenna

the antenna to achieve a complete RF SOP solution. The configuration was designed and

implemented for the 2.4/5 GHz WLAN and WiMAX bands. The proposed configuration

is based on a multilayer rigid-flex LCP substrate, where the advantages of the mechanical

flexibility of the LCP are combined with its superior electrical performance compared to

the ceramic-based SOP solutions. Even though flexible antennas have been proposed in the

literature and already employed in the state-of-the-art mobile devices, e.g. the iPhone, the

integration of the flexible antenna with the rigid SOP substrate has been shown for the first

time with the proposed LCP-based rigid-flex substrates.

The proposed configuration was applied to several single- and dual-band monopole

antennas since the SOP integration of the monopole antennas has not been covered in the

literature before although the monopoles are highly preferred in mobile devices. Meander-

shaped and L-shaped monopole antennas were integrated successfully to cover the required

bands for the desired WLAN and WiMAX applications with a single antenna element. The

properties and design parameters of the antennas covered in this chapter are summarized in

Table 2.9.

The details of the fabrication process have also been presented. The proposed con-

figuration is based on low-cost, low-temperature, FR-4 compatible processes. Moreover,
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the overall fabrication process is suitable for a large-panel area fabrication for further cost

reduction. The simulated and measured return loss and the far field data of the fabricated

prototypes were compared and have also been included in this chapter. Good correlations

were observed for all of the fabricated designs. The reasons for the slight mismatches

between the measured and simulated results have also been analyzed in this chapter.

This novel technology not only provides a solution for the antenna integration but also

miniaturizes the overall size of the complete RF SOP package by folding the flexible part

of the substrate on the rigid part the substrate. The comparison of the proposed antenna

configuration on a rigid-flex substrate with the corresponding rigid substrate verified a 6

mm size reduction in the overall size of the package integrated with the antenna. Although

the fabricated prototypes were single antenna elements, the integration of multiple antennas

have been investigated using the full-wave electromagnetic simulations. Configurations

enabling multiple antenna integration have also been proposed in this chapter.
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CHAPTER 3

CHARACTERIZATION OF MAGNETO-DIELECTRIC
SUBSTRATES

Future generation modules for mobile and wireless systems are expected to have increased

functionality and better performance in a more compact size. System-on-package (SOP)

technology promises low-cost and high-performance system solutions by integrating high-

speed digital, RF, and passive components in a compact package. Therefore, in an SOP

architecture, the package substrate not only provides the mechanical support but also be-

comes the medium for the electromagnetic wave propagation between the embedded com-

ponents. This makes the selection of the substrate material critical since, as a well-known

fact, the characteristics of wave propagation is based on parameters such as the permittivity,

the permeability and the loss in the medium. Hence, these parameters have a crucial role

in determining the performance and the size of the embedded/integrated components such

as inductors, capacitors, antennas, etc.

The importance of selecting or even synthesizing substrate materials with desired pa-

rameters creates interdisciplinary research problems that bring the electrical and the material-

science engineers together to work for a solution. As an example, magneto-dielectrics, ma-

terials with εr > 1 and µr > 1, form a novel category of materials that do not exist in nature.

It has been proposed in the literature and also elaborated in Chapters 4 and 5 of this thesis

that the magneto-dielectrics can be used to efficiently miniaturize the antennas and other

electromagnetic structures such as reactive impedance surfaces. However, the absence of

the magneto-dielectric materials in nature makes it necessary to synthesize these materials.

The accurate characterization of the magneto-dielectric samples is a crucial and an

indispensable step during the material synthesis of these materials. On the other hand,

the characterization of the magneto-dielectrics is a challenging problem since the number

of parameters to be characterized is increased to four by the inclusion of the magnetic

54



properties; whereas, there are only two parameters to be characterized for the dielectric

materials. It is required to find novel metrologies that can separate ε′ from µ′ and ε′′ from

µ′′ accurately.

Two rigorous extraction algorithms that were developed to extract the ε′, ε′′, µ′ and

µ′′ from the measured S-parameter data of easy-to-fabricate two metal-layer structures on

thin-film magneto-dielectric materials are presented in this chapter. This chapter first starts

with reviewing the state-of-the-art material synthesis techniques for the magneto-dielectric

materials in Section 3.1. Then, the conventional characterization techniques are summa-

rized in Section 3.2. Next, the first proposed method based on using measured responses

of a two-port parallel plate resonator and a one-port inductor is explained in Section 3.3.

The accuracy of the method is verified with a controlled study. An example case is also

presented based on the measured data. In Section 3.4, the second method is explained,

based on using two-port impedance and admittance measurements to characterize the de-

sired substrate properties. Finally, the chapter is summarized in Section 3.5.

3.1 Review of Magneto-dielectric Material Synthesis

Recent advances in the material synthesis technology have increased the hope for the syn-

thesis of the magneto-dielectric materials to be used in the effective miniaturization of the

antennas and other electromagnetic structures. The magneto-dielectric substrates to be

used for the antenna miniaturization are desired to have low-loss and stable permeability

and permittivity values in the GHz frequencies. Additionally, it is preferable that these

materials can be fabricated in a range of thicknesses.

One group of materials, named as artificial magneto-dielectric substrates, have been

proposed to emulate the characteristics of the magneto-dielectric materials [40], [41], [42],

and [43]. These materials are constructed by the stacking and periodic placement of em-

bedded circuits in a dielectric host medium. For instance, the embedded-circuit building
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blocks proposed in [42] are periodic spiral inductors while similar behavior has been re-

ported in [40] by using stacked ring resonators and in [43] using fractal Hilbert cells as the

embedded circuits.

The idea behind the artificial magneto-dielectric materials is to emulate the magnetic

energy storage mechanism of the atoms in natural magnetic materials by the magnetic

energy storage capability of the embedded circuits. The magnetic energy storage is higher

close to the resonance of the embedded circuits, resulting in a higher µr value. In addition,

the relative permittivity and the relative permeability of these engineered materials can be

altered by the geometric control of these embedded-circuits.

Although the magneto-dielectric characteristics and the antenna miniaturization can

be achieved with the usage of such engineered substrates, several issues related to these

substrates were reported in [44] that will limit their application to antennas for mobile

devices. These limitations can be summarized as follows:

1. The loss of the dielectric host medium combined with the conductor losses of the

embedded circuits result in an overall lossy substrate.

2. The size and weight of these materials are not suitable for mobile applications. As

an example, the engineered material proposed in [42] is 24 cm × 24 cm × 2 cm with

a weight of approximately 3.5 lbs.

3. These materials show anisotropic behavior which would limit their application to an-

tennas and other electromagnetic structures. The orientation-dependent permeability

and permittivity values are determined with the stacking direction, in which the mag-

netic field would be enhanced by the embedded circuits.

4. The permeability of these substrates shows strong dispersive behavior since high µr

values are obtained close to the resonance frequency of the embedded circuits.
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A more promising way to realize the magneto-dielectric materials is to synthesize thin-

films with natural magnetic inclusions and nano-magnetic composite materials. Table 2

summarizes the work published in literature on the synthesis of the magneto-dielectrics.

Ferrites are the most common method to achieve the magneto-dielectric behavior. The

magneto-dielectrics based on ferrite composites have been reported in [42], [46], and [49]

to be used in the microwave and antenna applications at very high frequency (VHF) range.

Although high permeability values can be achieved with the ferrites, the process requires

very high magnetic fields to be applied during the synthesis to achieve high permeability

values. Moreover, the ferrites show strong dispersive characteristics and require a magnetic

field excitation.

Another synthesis technology is based on the deposition of multiple nanoparticle layers.

Although high permeability values, around 60-100, can be achieved with this method, the

thickness of the film is limited to several hundred nanometers up to a micrometer [48], [51].

These thin film substrates have been proposed for miniaturizing the inductors and coplanar

waveguide lines used in CMOS technology; however these substrates are not suitable for

antenna applications because of their limited thickness.

Transitional metals and alloys (such as Fe, Ni, Co, FeNi, etc.) are more promising soft

magnetic materials with both high-permeability and low-coercivity. However, the eddy cur-

rent generation because of their metallic characteristics severely limits their applications at

high frequencies. The affinity of the nanoparticles of the transition metals to oxygen intro-

duces additional limitations since they may ignite spontaneously in air. Recent publications

have shown that this problem can be solved by coating the surfaces of the soft magnetic

nanoparticles with insulating shells [47], [28], and [27]. Insulator coating may also provide

a protective shell to enhance the resistance of the core materials to oxidation. Furthermore,

the protective shell prevents the interactions between the neighboring magnetic particles

as well as the grain-growth and agglomeration during the heat treatment resulting in stable

permeability values. Stable high permeability values have been shown up to 1 GHz for the
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Figure 46. Process steps to fabricate the test vehicle used for the characterization.

Ni, Co and Fe alloys in [47], [28], and [27]. The magneto-dielectric materials employed in

this thesis have been synthesized with the extension of the techniques in these references to

higher frequencies and the details of the synthesis process are explained in the next section.

3.1.1 Material Synthesis and Test Vehicle Fabrication

The magneto-dielectric substrates investigated in this thesis are the nano-magnetic compos-

ites that have been synthesized by the Packaging Research Center (PRC) at Georgia Tech.

The method followed in this research was based on encapsulating Ni and Co nanoparticles

with polymer to reduce magnetic losses due to interaction between neighboring magnetic

particles and also to prevent oxidation.
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The synthesis process followed in this research was based on a sol-gel process where

silica coated nanoparticles were milled with polymer composite to create a paste. Figure

46 shows a flow chart of the material synthesis and device fabrication processes and the

steps can be summarized as follows [29]:

1. Nickel precursors and tetraethyl orthosilicate (TEOS) are uniformly dispersed in

methoxy ethanol at low molar concentrations. The volume ratio of nickel to silica is

chosen to get adequate silica encapsulation.

2. The solution is then gelled by slowly hydrolyzing it in air. The resulting Ni-O-Silica

gel contains nickel ions bonded with oxygen and silicon with covalent bonds as a gel

network.

3. Gas phase reduction of the gel is done in a reducing atmosphere to nucleate silica-

coated nickel nanoparticles. The reduction of nickel in silica gels, within the tem-

perature range 550 − 700◦C, leads to the formation of metallic nickel nanoparticles

homogeneously dispersed in this amorphous matrix.

4. The sample obtained from the reduction of the gel is then dispersed in PGMEA

(propylene glycol methyl ether acetate) mixed with the Epoxy, Ciba LMB 7081 (sup-

plied by Vantico Corporation) to create a paste.

5. The magneto-dielectric paste is used to fabricate magneto-dielectric thin-film sub-

strates using screen printing techniques followed with curing of the polymer.

6. Vias are mechanically drilled and the metallization on the film is patterned using

conventional wet chemical processing steps.

Several batches have been fabricated and characterized to verify the material synthesis

process. The characterization methods used to extract the material properties are summa-

rized in the following sections.
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3.2 Review of Common Characterization Methods

Conventional techniques for characterizing the permittivity, ε = ε′ − jε′′, and the perme-

ability, µ = µ′ − jµ′′, of the magneto-dielectric substrates are based on processing the

measured impedance and admittance data. Therefore, the most common method is using

a commercially available impedance analyzer connected with material fixtures, such as the

Agilent E4991A connected with the Agilent 16454A for µ characterization and connected

with the Agilent E1643A for ε characterization [52]. In this method, the impedance prop-

erties of the material-under-test (MUT) are measured using the material fixtures, where

the disk-shaped samples are sandwiched with the properly-shaped electrodes. As shown

in Figure 47a, circular disks are used for the ε characterization while toroid-shaped disks

are used for the µ characterization. Although frequency-dependent material characteristics

can be obtained from the impedance measurements, this method is limited to machinable

materials and the frequency range from a few MHz to 1 GHz.

Another common method is based on the S-parameter measurements of a loaded waveg-

uide. As shown in Figure 47b, a rectangular or a circular waveguide is loaded with a sam-

ple of MUT, and the S11 and S21 are used to determine the reflection coefficient, Γ, and

the complex propagation constant, γ. Using these two parameters both the ε and µ can be

characterized [53]. This method is suitable for high-frequency characterization; however,

it is also limited to machinable materials.

The cavity perturbation method applied to a cylindrical resonator is another common

method used for material characterization. In this method, a small sample is inserted into a

resonant cavity, and the intrinsic properties of the material are extracted by processing the

measured complex frequency shift and quality factor of the resonator. The measurement

setup is shown in Figure 47c. Although this method has been reported to be successful

for the characterization of both isotropic and anisotropic dielectric materials [54], [55], the

application of this method on ferrimagnetic samples was reported to extract anomalous

dispersion of the permeability data. Therefore, this method may not be reliable for the
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Figure 47. Examples of conventional characterization methods. (a) Impedance analyzer method, (b)
Waveguide method (c) Cavity method.
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characterization of magneto-dielectric materials.

The transmission line method is more suitable for the characterization of thin-film

magneto-dielectric materials. In this method, multiple coplanar waveguide or microstrip

transmission lines are printed on the thin-film MUT. Using the multiline thru-line-reflect

(TRL) algorithm, the complex propagation constant γe f f and the characteristic impedance

Z0 of the line are found, and this data is processed to characterize the intrinsic properties of

the MUT [51].

The magneto-dielectric substrates investigated in this thesis are the nano-magnetic com-

posites that have been synthesized by the Packaging Research Center (PRC) at Georgia

Tech. Since the material synthesis process has been on-going with the material charac-

terization process, easy-to-fabricate methods that can give quick and accurate results have

been employed for material characterization. This has enabled the continuous synthesis of

multiple batches depending on the feedback from material characterization.

In the first method used for the characterization, two electromagnetic structures are

used to characterize the permittivity and the permeability of the synthesized samples. This

is achieved by using two structures, one of which is mostly sensitive to the changes in

permittivity, while the other one is sensitive to the changes in permeability. In the second

method, two-port impedance and admittance data of simple microstrip structures are used

to characterize the permittivity and permeability.

3.3 Characterization Algorithm Based on Parallel Plate Resonator and
Strip Inductor

3.3.1 Parallel Plate Resonator

The resonator structures have been extensively used for material characterization since the

resonance frequencies are highly sensitive to the changes in the permittivity and permeabil-

ity of the loading material that is to be characterized. Compared to the machined resonators,

the printed resonators are more suitable for extracting the frequency-dependent character-

istics of the thin film nano-magnetic composites. Therefore, printed parallel-plate cavity
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Figure 48. Details of the parallel plate resonator used with the corner-to-corner probing method. (a)
Top view, (b) Side view (c) Probe position in the corner-to-corner probing.

resonators were used in this research combined with the corner-to-corner probing method.

The corner-to-corner probing method has been proven to be successful for the frequency-

dependent characterization of thin-film high-permittivity materials [56]. In this thesis, this

work is extended for the characterization of thin-film magneto-dielectric materials.

The top and the cross-sectional views of the parallel plate resonator are shown in Figure

48. The structure is composed of two metal layers printed on the top and bottom of the

substrate to be characterized. As seen in Figure 48, the top metal is framed with another

metal layer, which is shorted to the bottom metal with a series of vias with diameters

d = 0.5 mm. The gap between the framing metal and the top metal is g = 0.1 mm, and

the width of the framing metal is w = 0.7 mm. Three different sizes of the parallel plate

resonator were used during the material characterization process: a × b = 8 mm × 8 mm,

8 mm × 6 mm, and 6 mm × 4 mm.

The electric wall created by the series of vias shorting the frame metal transforms the

parallel plate resonator into a box resonator created by printed board technology. As shown
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Figure 49. Analogy between the parallel plate resonator and the box resonator.

in Figure 49, the parallel plate structure acts like a box resonator filled with the substrate,

which emulates the resonator method for the characterization of thin film substrates. More-

over, the response of the resonator can be measured using the ground-signal-ground (GSG)

air probes. The resonator is excited by probing the structure at the corners such that the

signal tip of the probe lands on the top metal, while the ground tips land on the frame, as

shown in Figure 48c.

The sensitivity of the parallel plate structure to the changes in the material properties

of the thin-film magneto-dielectrics were studied using full-wave electromagnetic simula-

tions, where the responses of the parallel plate resonator for different combinations of the

material parameters were compared. In this study, the parallel plate structure was simulated

using parameter sweeps, where either the relative permittivity or the relative permeability

of the substrate was swept while the other parameter was kept constant at 4. It was found

from this study that the resonance frequencies and the amplitude of Z12 are sensitive to

changes in εr and µr.

In the case of dielectric substrates, since it is known that µr = 1, fitting the amplitude

and the resonance frequencies of Z12 can result in the accurate characterization of εr [56].

In the case of magneto-dielectric substrates; however, the parallel plate resonator is useful

only in the frequency range up to the first anti-resonance in the transmission impedance

response, Z12. In this range of frequencies, because of the inherent capacitive behavior of

the parallel plate resonator, the impedance response is more sensitive to the changes in the

permittivity, making it possible to characterize ε′ and ε′′ almost independently from the
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values of µ′ and µ′′. Therefore, the frequency-dependent data can be extracted by assuming

an approximate value for µr and by fitting the simulated Im(Z12) and Re(Z12) values to

the measured values to extract the relative permittivity and dielectric loss, respectively.

Although Z11 and Z22 are also sensitive to the changes in permittivity at low frequency,

they were not employed since one-port impedance measurements are not as accurate as the

transfer impedance measurements due to the probe impedance and the contact resistance

that cannot be calibrated out.

Similar to the Z12 data, the Y12 data can be used to characterize µr and magnetic loss

tangent. However, it was found through simulations that the accuracy of the Y12 data is

small due to the low-inductance value obtained from the wide top-metal of the resonator.

Instead, one-port inductors can be used to characterize the permeability of the thin-film

materials. These inductors are explained in the next section.

3.3.2 Strip Inductors

It was found through the analysis of the parallel plate resonator that the Z12 response of the

resonator is insensitive to the changes in µr at low frequencies up to the first antiresonance

because of the inherent capacitive behavior of the parallel plate structure. To solve this

problem and complement the results obtained from the parallel plate resonators, a set of

planar inductors were used to extract the µ of the substrate.

Spiral inductors and strip inductors have been considered for characterizing the per-

meability of the substrate. It was found through experiments that the strip inductors are

more suitable to characterize the permeability of the lossy substrates since the dominat-

ing parasitic resistance of the spiral inductors makes it harder to measure the inductance.

Therefore, strip inductors designed based on shorted microstrip lines were used during the

characterization.

Figure 50 shows the details of the strip inductors used in the characterization process.

As seen in the figure, a microstrip line with length L, and width W, is shorted to the ground

with a via connection. 3.5 mm, 5 mm and 7.5 mm long lines were used with 0.5 mm and
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Figure 50. Details of the strip inductor structure used for characterizing the permeability. a) Top view,
b) Side view.

0.7 mm width values. The ground pad is placed at the corner so that the response can be

measured with a GSG probe as in the corner-to-corner probing method for the parallel plate

resonator.

The principle behind this method can be explained by analyzing the impedance char-

acteristics of a shorted microstrip line. Assuming all the conductors are lossless, the input

impedance of a shorted microstrip line on a lossy magneto-dielectric substrate with the

permittivity ε and permeability µ can be approximated as:

Zin = Z0 tanh(γ`) (1)

where γ is the complex propagation constant, Z0 is the characteristic impedance of the line,

and ` is the length of the line [39]. γ and Z0 can be expressed in terms of the per-unit length

resistance R, inductance L, conductance G, and capacitance C, of the microstrip line.

γ = α + jβ =
√

(R + jωL)(G + jωC) (2)

Z0 =

√
(R + jωL)
(G + jωC)

(3)

For a short microstrip line, the tanh function can be approximated as tanh(γ`) ≈ γ`.
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Using this approximation and substituting (2) and (3) in (1) yields

Zin = Z0 tanh(γ`) ≈ Z0γ` (4)

Zin =

√
(R + jωL)
(G + jωC)

√
(R + jωL)(G + jωC)` (5)

Zin = (R + jωL)` (6)

The derivation of the per-unit length parameters for a microstrip line with a lossy magneto-

dielectric substrate can be found in Appendix A of this thesis, and the expressions for R

and L are repeated here as follows:

R =
ωµ′′e f f h

W
(7)

L =
µ′e f f h

W
(8)

Substituting these expressions for R and L in (6) one can find

Zin =
ωµ′′e f f h`

W
+ jω

µ′e f f h`

W
(9)

where W is the width of the line, h is the height of the substrate, and µ′e f f and µ′′e f f are the

real and the imaginary part of the effective permeability.

A close look at Eq. (9) reveals that for frequencies where ` � λg/4 the real part of the

input impedance of the strip inductor can be used to characterize the magnetic loss while the

imaginary part of the input impedance can be used to extract the relative permeability. The

input impedance can be obtained from the Z11 data. Moreover, the effect of the air medium

above the strip inductor can be modeled through full-wave electromagnetic simulations.

The sensitivity of the inductors has also been studied using electromagnetic simulations,

where the parameter sweeps of the relative permeability and the relative permittivity of the

substrate were performed. The results support the theoretical analysis as expected. It was

found from the results of the µr sweep that the simulated Z11 curves can be distinguished for

different values of the µr of the substrate. On the other hand, the εr sweep revealed that the

simulated Z11 of the structure is not sensitive to the changes in εr of the substrate, especially
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at low frequencies, where the response is inductive. This is desired and complements the

results from the parallel plate method such that the strip inductors can be used to extract the

µ of the substrate, while the parallel plate resonator can be used to extract ε of the substrate.

This method can be used up to the first resonance of the resonator and the inductor,

whichever happens first. Different sizes of the parallel plate resonator and strip inductor

can be used to adjust the frequency range.

3.3.3 Characterization Process

The flow chart in Figure 51 summarizes the steps of the characterization process. These

steps can be listed as follows:

1. The parallel plate structure and strip inductors were measured with a vector network

analyzer (VNA) using the corner-probing method.

2. The measured S-parameter data were converted to the Z-parameter data.

3. The thickness of the film was measured at several positions on the substrate.

4. Using the measured thickness, the parallel plate resonator was simulated with an

electromagnetic solver at the first frequency point with an initial guess for εr. In this

research, Sonnet was used as the electromagnetic solver [57]. The substrate can be

assumed as a non-magnetic lossless substrate at this initial step.

5. Z12 data obtained from the simulation was compared with the measured Z12 data. The

simulation process is repeated while sweeping εr of the substrate until the imaginary

part of the simulated Z12 is matched to the imaginary part of the measured Z12. The

real parts of the simulated and the measured Z12 are also matched by altering the

dielectric loss tangent.

6. Using the measured thickness and the approximated value for the permittivity and

dielectric loss tangent of the substrate, the strip inductor was simulated with an elec-

tromagnetic solver at the first frequency point.
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Figure 51. Flow graph of the characterization process using the parallel plate cavity resonator and the
strip inductor.

7. Z11 data obtained from the simulation was compared with the measured Z11 data.

The simulation process was repeated while sweeping µr of the substrate until the

imaginary part of the simulated Z11 is matched to the imaginary part of the measured

Z11. The real parts of the simulated and measured Z11 were also matched by altering

the magnetic loss tangent.

8. Starting from step 4, the process was repeated for the same frequency point but this

time using the extracted µr, εr, and loss tangent values as the initial values. Once a

convergence was achieved such that the extracted values do not change considerably

between passes, the process was started for the next frequency point from step 4.
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Figure 52. Characterized ε′, ε′′ and dielectric loss tangent. It should be noted that the model material
is a fictitious material used to verify the characterization technique.

3.3.4 Controlled Characterization Study Based on Simulation

A controlled experiment based on the full-wave electromagnetic simulations was performed

to verify the accuracy of the method. In this experiment, first, the impedance responses of

a parallel plate resonator and a strip inductor on a dispersive substrate were obtained by

simulating these structures in a commercially available full-wave electromagnetic solver,

Microwave Studio by Computer Simulation Technology (CST MWS) [58]. In the simula-

tions, a highly-dispersive fictitious substrate was modeled using a first order Debye model

for the permittivity of the substrate and a second order general dispersion model for the

permeability of the substrate. The assumed models for the ε′, ε′′, µ′ and µ′′ are shown

in Figures 52 and 53, with curves labeled as “model”. During the simulation of the strip

inductor, the ground pad was also included in the simulation model as in the case of real

prototypes.

Next, the simulation results were exported from the CST MWS to be used as if they

were measured responses. These data were characterized using Sonnet, following the char-

acterization steps summarized in Figure 51 and the previous section. The ground pad of the
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Figure 53. Characterized µ′, µ′′ and magnetic loss tangent. It should be noted that the model material
is a fictitious material used to verify the characterization technique.

strip inductor and the framing structure around the parallel plate cavity resonator were not

included in the Sonnet simulation models to decrease the simulation time for each iteration.

The characterized values for the permittivity and the permeability are also shown in

Figures 52 and 53. As seen in the figures, both the permittivity and the permeability val-

ues were extracted with acceptable accuracy. The accuracy of the characterization can be

improved by repeating the steps with the extracted values one more time. Also, the simula-

tion models in Sonnet can be improved including the measurement pads in the strip inductor

model and the framing ground metal in the parallel plate resonator model. It should also be

noted that as the frequency increases and becomes closer to the resonance of the structures,

more iterations are required to increase the accuracy of the method.

3.3.5 Characterization Example Based on Measured Data

Several batches have been fabricated and characterized to verify the material synthesis pro-

cess. A sample test vehicle including the characterization structures is displayed in Figure
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46. The main challenge during the magneto-dielectric thin-film synthesis has been to ob-

tain stable high-permeability values with low magnetic and dielectric loss. The permeabil-

ity values ranging from 1.3-1.9 have been characterized for several batches. In this section,

the results obtained for a sample board that gave approximately εr = 7.5 and µr = 1.9 are

presented.

After the structures on the sample were measured, the characterization steps explained

in Figure 51 were followed using a 7.5 mm long strip inductor and a 6 mm × 8 mm parallel

plate resonator. The permittivity and the permeability values were characterized at several

frequency points between 400 MHz and 3 GHz. Then, the characterized values were fitted

using the automatic fitting scheme built in the CST MWS. A second order Debye model

was used which is defined as

ε(ω) = ε∞ +
β0 + jωβ1

α0 + jωα1 − ω2 (10)

Figure 54a shows the real and the imaginary parts of the characterized and the fitted ε

values. In Figure 54a, the characterized values are shown as single points whereas the

fitted curves are represented with continuous lines. The characterized and fitted dielectric

loss tangent are shown in Figure 54b. As seen in both graphs, a good fit to the Debye model

was achieved.

Similarly, the permeability values were characterized at single frequency points and

then fitted to the Debye models using the built in tool in the CST. Figure 55a displays the

real and the imaginary parts of the characterized permeability values, while the magnetic

loss tangent values are shown in Figure 55b. It can be concluded from the characterized

parameters shown in Figures 54 and 55 that the material is quite lossy with high dielectric

and magnetic losses. Although the substrate is not suitable for the antenna applications due

to high loss values, the stable permeability and permittivity values are promising. The loss

of the substrate can be decreased using more advanced synthesis techniques.

After characterizing the sample and creating a model for the parameters of the substrate,

the inductor and the parallel plate resonator models were simulated in the CST MWS using
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Figure 54. Characterized permittivity values with the fitted Debye models. (a) ε′ and ε′′, (b) Dielectric
loss tangent.

Figure 55. Characterized permeability values with fitted Debye models. (a) µ′ and µ′′, (b) Magnetic loss
tangent.
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Figure 56. Comparison of the measured and simulated data of the strip inductor. (a) Re{Z11}, (b)
Im{Z11}.

the created substrate model. The results obtained from the inductor simulations are com-

pared with the measured response in Figure 56. In this simulation, the ground pad was also

modeled to account for its effects in the measurements. As seen in Figure 56, the simula-

tion results obtained from the fitted models agree well with the measurements up to 2 GHz

and the error increases after 2 GHz. The error can be attributed to the difference between

the simulated values of CST and Sonnet. The µr = 1 case is also included in Figure 56b

to present a comparison. As seen in the graph, there is a considerable difference with the

non-magnetic case. The results obtained from the simulation of the parallel plate resonator

are also shown in Figure 57. Good correlation was observed between the simulated and the

measured results.

In addition to the samples that show magnetic properties, samples with nonmagnetic

properties were also characterized during this research. Figure 58 shows the simulated and

measured data from a characterization sample that showed nonmagnetic properties. The

extracted properties for this board were found to be εr = 3, µr = 1, and tanδe = 0.2. The

fact that not every batch of the materials synthesized in this project showed magnetic prop-

erties points to the difficulty of synthesizing magneto-dielectric materials. The reason for

the instability in the results of consecutive batches may be attributed to improper alignment
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Figure 57. Comparison of the measured and simulated data of the parallel plate resonator. (a) Re{Z12},
(b) Im{Z12}

of the magnetic dipoles in the synthesized material, oxidation, agglomeration and improper

encapsulation of nanoparticles. Although magneto-dielectric films with magnetic proper-

ties in the low GHz frequencies have been synthesized with the chosen material synthesis

process, advanced synthesis techniques and alternative routes are required to reduce the

loss of the substrates and guarantee the consistency and repeatability of the parameters for

every fabricated batch.

Although the strip inductors have been used successfully for the characterization of the

permeability values, the accuracy of this method is limited especially at low frequencies

because of the difficulty in the one-port measurement of the ultra-low impedance values.

This problem in the one-port measurements arises because S11 is close to 1 for the ultra-low

impedance values, which means almost all of the signal is reflected. Therefore, impedances

less than about 0.1 Ohms are difficult to measure using a one-port technique [59]. Addition-

ally, even after the calibration, the flexing or the over-travel of the microprobe introduces

an uncompensated, residual inductance of the probe. Furthermore, depending on the metal-

lization of the probe tip and the surface of the pads there can be a residual, uncompensated

resistance term on the order of 10 to 100 milliOhms due to the contact resistance.

These uncompensated inductance and the resistance values contribute to a probe series

76



Figure 58. Comparison of the measured and simulated data of a sample board with µr = 1. (a) Z11
of a 3.5 mm × 0.7 mm strip inductor on 21 µm thick substrate, (b) Z12 of a 6 mm × 8 mm parallel plate
resonator on 23 µm thick substrate.

impedance on the order of 0.1 Ohms and 100 pH. Since this impedance cannot be cali-

brated out, it limits the reliability of the one-port measurements. This limitation is avoided

in a two-port measurement setup due to the symmetry of the probes. Therefore, the char-

acterization methods based on two-port measurements are expected to give more accurate

results. A two-port algorithm is proposed in the next section.

3.4 Characterization Algorithm Based on Two-port Microstrip Struc-
tures

As mentioned in the previous section, the first characterization method introduced has lim-

itations mainly because of the difficulty in measuring the one-port S11 data accurately for

ultra-low-impedance values. Moreover, the residual probe inductance due to over-travel of

the probe and the contact resistance add an uncompensated impedance on the measured

data. These limitations can be eliminated by using a two-port structure instead of the one-

port inductor. As an added advantage, using this methodology both the permittivity and the

permeability of the substrate can be characterized with a single structure.

Figure 59 displays the details of the two-port strip structure used in the characterization

process. As seen in the figure, the structure is nothing but a short microstrip line with length
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Figure 59. Details of the two-port microstrip line structure used for characterizing the permeability
and the permittivity. (a) Top view, (b) Side view.

L and width W. Two ground pads are placed at two opposite corners so that the response

can be measured with two GSG probes as in the corner-to-corner probing method for the

parallel plate resonator. A meander line can also be used instead of the straight line, as

displayed in Figure 60. The meander line has a higher inductance value and; therefore, a

higher impedance.

The characterization process is based on processing the measured Y12 and Z12 data of

the two-port microstrip line structure. To explain how this method works one can look at

the analytical expressions for the Z12 and Y12 derived from the ABCD parameters of a lossy

microstrip line on a substrate with εe f f and µe f f , as shown in Figure 61. The thickness of

the substrate and the width of the line are labeled as h and W, respectively. The microstrip

line can be assumed to be embedded in a medium that has the same parameters as the

magneto-dielectric substrate. Also, the conductor loss is assumed zero in this analysis.

The ABCD parameters of a microstrip line with length ` and characteristic impedance

Z0 can be expressed as  A B

C D

 =

 cosh γ` Z0 sinh γ`

sinh γ`/Z0 cosh γ`

 (11)

In Eq. (11), γ is the complex propagation constant as defined in Eq. (2). Z12 can be

78



Figure 60. Details of the two-port meander line structure used for characterizing the permeability and
the permittivity. (a) Top view, (b) Side view.

Figure 61. Geometry of the microstrip line on a magneto-dielectric substrate.

79



calculated from the ABCD parameters as follows:

Z12 =
V1

I2
|I1=0=

AD − BC
C

=
1
C

(12)

Z12 =
Z0

sinh γ`
(13)

For a short microstrip line for frequencies where γ` � λg/2, sinh γ` can be approximated

as sinh γ` ≈ γ`. Using this approximation, Eq. (13) can be reduced to the following form:

Z12 =
Z0

sinh γ`
≈

Z0

γ`
(14)

Z0

γ`
=

√
(R + jωL)
(G + jωC)

1√
(R + jωL)(G + jωC)`

(15)

Z12 ≈
1

(G + jωC)`
(16)

A similar analysis can be carried out using Y12 to find

Y12 ≈
1

(R + jωL)`
(17)

The expressions for the per unit length parameters for a microstrip line with a lossy magneto-

dielectric substrate can be found in Appendix A. The expressions for the R and L were

repeated in this chapter in (7) and (8), and the expressions for the G and C can be repeated

as follows:

G =
ωε′′e f f W

h
(18)

C =
ε′e f f W

h
(19)

Equations (7), (8), (18), and (19) show that the per-unit length parameters R and L are

dependent on the real and imaginary parts of the permeability, while the per-unit parameters

G and C are dependent on the real and imaginary parts of the permittivity. Therefore,

as can be concluded from (16), Z12 can be used to characterize the permittivity, and Y12

can be used to characterize the permeability of the substrate. Full-wave electromagnetic

simulations should be used to take into account the effect of the air medium on εe f f and

µe f f .
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3.4.1 Characterization Process

The flow chart in Figure 62 summarizes the steps of the characterization process. These

steps can be listed as follows:

1. The two-port microstrip structure is measured with a vector network analyzer (VNA)

using the corner-to-corner probing method.

2. Measured S-parameter data are converted to Z- and Y-parameter data.

3. The thickness of the film is measured at several positions on the substrate.

4. Using the measured thickness, the structure is simulated with an electromagnetic

solver at the first frequency point with an initial guess for εr, µr, magnetic and dielec-

tric loss tangents. In this research, Sonnet was used as the electromagnetic solver.

5. The Z12 and Y12 data obtained from the simulation are compared with the measured

Z12 and Y12.

6. Simulation process is repeated while sweeping the εr to match the imaginary part

of the Z12, sweeping the dielectric loss tangent to match the real part of the Z12,

sweeping the µr to match the imaginary part of Y12, and sweeping the magnetic loss

tangent to match the real part of Y12. Once a convergence is achieved such that the

approximated values do not change considerably between iterations, the process can

be repeated for the next frequency point starting from step 4.

3.4.2 Characterization Example Based on Simulation

The same fictitious material used to verify the previous method was used to test the accu-

racy of the characterization method using the two-port microstrip structure measurements.

The material was characterized with both the microstrip line and the meander line struc-

tures.
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Figure 62. Flow graph of the characterization process using two-port microstrip structure.

First, the two-port structures were simulated separately on a 50 µm thick fictitious sub-

strate using the CST MWS. Ground pads were also included in the simulation models as in

the case of real prototypes. The permittivity of the fictitious substrate material was modeled

with a first order Debye model, while a second order general dispersion model was used for

the permeability of the substrate. After exporting the simulation results from CST MWS,

the simulated Y12 and Z12 responses were used as if they are the measurement responses,

and they were characterized using Sonnet, following the characterization steps summarized

in Figure 62. The material was characterized using both the microstrip line and the two-port

meander line to compare the accuracy obtained from these structures. During the charac-

terization process the microstrip line was modeled with the measurement pads whereas the

meander inductor was simulated without the pads to decrease the simulation time.

The results obtained from this study are compared in Figures 63, 64, 65, and 66. In

all of these figures, the curves labeled as “model” correspond to the characteristics of the

fictitious substrate material. Characterized values for several frequencies are also included

in the graphs as single data points along with the curves corresponding to the Debye models

fitted using these characterized data points. Figure 63 shows the results obtained for the
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Figure 63. Characterized ε′ using the two-port microstrip and the meander lines. It should be noted
that the model material is a fictitious material used to verify the characterization technique.

Figure 64. Characterized dielectric loss tangent using the two-port microstrip and the meander lines.
It should be noted that the model material is a fictitious material used to verify the characterization
technique.
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Figure 65. Characterized µ′ using the two-port microstrip and the meander lines. It should be noted
that the model material is a fictitious material used to verify the characterization technique.

permittivity. Although the accuracy of the method is low compared to the parallel plate

resonator, acceptable accuracy is obtained using two-port microstrip line measurements.

The error is higher for the values extracted using the meander line, which might be because

of the additional capacitance between the meander arms. Characterized results for the

dielectric loss tangent are shown in Figure 64. As seen in the figure, the accuracy is better

up to 1.5 GHz compared to the higher frequencies.

Figure 65 displays the characterized relative permeability values. As seen in the fig-

ure, two-port meander can extract the modeled permeability values with high accuracy;

whereas, the line can be used with an acceptable accuracy. Finally, the results obtained

for the magnetic loss tangent are shown in Figure 66. Two-port meander can be used to

characterize the magnetic loss tangent accurately up to 1.5 GHz but the error increases for

higher frequencies.

It can be concluded that the meander structure is more suitable to characterize the per-

meability values with high accuracy; whereas, the straight line should be preferred to char-

acterize the permittivity values. However, as can be seen from Figures 63 to 66, both of the
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Figure 66. Characterized magnetic loss tangent using the two-port microstrip and meander lines. It
should be noted that the model material is a fictitious material used to verify the characterization
technique.

structures can be used to characterize thin-film magneto-dielectric materials with accept-

able accuracy.

3.5 Conclusions

In highly-integrated packaging technologies, the parameters of the materials used in the

package have an important role in determining the quality of the performance and the size

of the system since these parameters determine the characteristics of the wave propagation

in the substrate. Therefore, there is a growing effort to synthesize novel materials with

desired characteristics. The thin-film magneto-dielectrics is an example of these materials,

which have been proposed to achieve the effective miniaturization of the antennas and other

electromagnetic structures. However, these materials need to be synthesized artificially due

to their absence in nature. There has been research efforts at the Packaging Research Center

at Georgia Tech to synthesize low-loss thin-film magneto-dielectric substrates. The method

followed in this research was based on encapsulating Ni and Co nanoparticles with polymer

to reduce magnetic losses due to interaction between neighboring magnetic particles and
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also to prevent oxidation. The work covered in this chapter has supported this magneto-

dielectric material synthesis project in terms of characterization of synthesized materials.

One crucial step in the material synthesis process is the accurate characterization of

the samples to extract the permeability and the permittivity of the substrate. However,

the characterization of the magneto-dielectric materials is a difficult task since it is nec-

essary to separate the effects of the ε′ from µ′ and ε′′ from µ′′, accurately. Moreover, it

is preferred that the test vehicles needed for the characterization are easy-to-fabricate and

easy-to-measure structures so that long turn around times between samples are avoided.

Two characterization methodologies have been proposed in this chapter for the charac-

terization of the thin-film magneto-dielectric materials. Both of the methods use samples

that can be fabricated with the standard printed circuit board technology and that can be

measured with the standard coplanar air probes.

The first method is based on using two-port measurement of a parallel plate resonator to

characterize the permittivity, while using one-port measurement of strip inductors to char-

acterize the permeability of the substrate. It has been shown both analytically and experi-

mentally that this method can be used to characterize the frequency-dependent properties

of the thin-film magneto-dielectric substrates. The method can be used in a frequency range

from 600 MHz to approximately 3 GHz. The upper bound of the frequency range depends

on the resonance frequency of the inductors and the resonators, and it can be increased by

adjusting the size of the structures. The lower bound is limited with the accuracy of the

VNA measurements.

The second method proposed is based on using two-port measurements of simple mi-

crostrip structures. The principles of this method have also been explained theoretically

and experimentally in this chapter. This method is expected to be more accurate in the

extraction of the permeability compared to the first method. This is because the accu-

racy limitations of the one-port measurements are avoided in the second method by using

two-port structures. Similar to the first method, the frequency range is determined by the
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resonance frequencies of the structures. Both of the characterization methodologies pre-

sented in this chapter can be used separately or together for the accurate extraction of the

permeability and the permittivity of the magneto-dielectric substrates.

Several batches have been fabricated and characterized to verify the material synthesis

process. The main challenge during the magneto-dielectric thin-film synthesis has been to

obtain stable high-permeability values with low magnetic and dielectric loss. As presented

in this chapter, one of the fabricated batches was characterized to have µr ∼ 1.9 in the

low GHz band. Although this substrate was found to be too lossy for antenna and other

electromagnetic applications, stable high permeability value extracted in the GHz range

was found promising for the chosen material synthesis process.

However, in addition to the materials characterized to have magnetic attributes with µr

values ranging from 1.3 to 1.9, several batches with nonmagnetic attributes were also char-

acterized. The fact that not every batch of the materials synthesized in this project showed

magnetic properties points to the difficulty of synthesizing magneto-dielectric materials.

The reason for the inconsistency in the characterized values of consecutive batches may

be attributed to improper alignment of the magnetic dipoles in the synthesized material,

oxidation, agglomeration and improper encapsulation of nanoparticles. Advanced synthe-

sis techniques and alternative routes are required to reduce the loss of the substrates and

guarantee the consistency and repeatability of the parameters for every fabricated batch.
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CHAPTER 4

MINIATURIZATION OF ANTENNAS USING
MAGNETO-DIELECTRIC SUBSTRATES

Increasing demand for smaller size in mobile devices results in a need for the effective an-

tenna miniaturization, since the antenna size is an important factor determining the overall

size of a mobile device. Planar antennas are highly preferred in mobile systems because

of their characteristics such as ease of fabrication and integration, compactness, and low

profile. Moreover, backing the planar antenna with a ground plane, as in the case of a mi-

crostrip patch antenna, offers increased front-to-back ratio, while shielding the rest of the

system from the fields of the antenna in a multilayer substrate.

Antenna miniaturization is a difficult problem since the gain and the bandwidth of the

antenna are bounded with fundamental limits depending on the size of the antenna. The

techniques proposed in the literature to miniaturize the antenna can be categorized into

two groups. One method is to alter the geometry of the antenna to achieve a compact

design. The techniques in this group are based on using meandered structures, cuts, arms

and slots on the radiating conductor to fit the necessary electrical length of the current path

in a compact size. Although modifying the geometry can result in miniaturization, these

techniques require many iterations and long design periods.

Antenna miniaturization techniques in the second category are more straightforward

and based on the material loading using the effect of the electromagnetic parameters of the

substrate or the superstrate. These techniques are applied especially to the planar resonant

antennas printed on a substrate backed with a conductor, such as microstrip patch antennas.

Since the resonant length of an antenna scales with the guided wavelength (λg = λ0/
√
εrµr),

the values of the εr and µr of the substrate play an important role in determining the size of

the antenna for a certain resonance frequency.

There are two types of materials that can be used as the substrate or the superstrate of

88



the antenna. The first type is the conventional dielectric materials with εr > 1 and µr = 1.

Dielectric materials can be found in nature or synthesized in the laboratories, and they have

been commonly used as RF substrates. The second type is the magneto-dielectric materials

with εr > 1 and µr > 1. Although these novel materials do not exist in nature and must be

synthesized, these materials provide advantages over the conventional dielectric substrates.

In this chapter, the application of magneto-dielectric substrates towards the effective

antenna miniaturization is presented along with evidence that the magneto-dielectrics are

better candidates as the antenna substrates compared to the conventional dielectrics. The

results of theoretical and experimental analysis based on full-wave electromagnetic simula-

tions are presented in this chapter. Moreover, a discussions of surface wave propagation in

the conductor-backed magneto-dielectric substrates has also been included in this chapter

since the surface wave propagation has a considerable impact on the radiation properties of

planar antennas.

4.1 Review of Antenna Miniaturization Using Material Loading

As mentioned before, the resonant length of an antenna scales with the guided wavelength,

λg, which is determined with the values of the εr and µr of the substrate. Therefore, sub-

strate parameters play an important role in determining the size of the antenna for a certain

resonance frequency.

For this reason, using high-permittivity materials as the antenna substrate has been pro-

posed in the literature to reduce the size of the antenna. Although, miniaturization can be

achieved using low-loss, high-permittivity materials as the substrate of the antenna [60]

[61], the antenna usually suffers from low-efficiency and narrow-bandwidth in this method.

This problem stems from the fact that the radiated field from the image of the antenna’s

electric current tends to cancel out the radiated field from the antenna current, since the im-

age of the horizontal current on a ground plane is in close proximity and opposite to the di-

rection of the current itself. The cancelation of the radiated fields results in increased stored
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electromagnetic energy, which causes narrow-bandwidth and low-efficiency. Increased per-

mittivity of the substrate contributes to the stored electromagnetic energy, deteriorating the

bandwidth and the efficiency of the antenna and making the situation worse.

Thicker substrates can be used to increase the bandwidth at the expense of the increased

energy trapped in the substrate in the form of surface waves. Moreover, increasing the

thickness is not consistent with the aim of miniaturization. It has been proposed in [60]

that using a superstrate with higher dielectric constant can compensate for the decrease

in the antenna gain. However, this method introduces additional fabrication steps, while

increasing the thickness of the antenna.

The concept of using magneto-dielectrics as the antenna substrate was introduced by

Hansen and Burke in [26], where the bandwidth of a microstrip patch antenna on a magneto-

dielectric substrate was analyzed using transmission line theory. In this paper, the authors

derived the zero-order bandwidth for a microstrip patch antenna and analyzed three cases:

µr < εr, µr = εr and µr >> εr for a constant miniaturization factor of
√
µrεr. It was con-

cluded in [26] that by properly increasing the relative permeability of the substrate, the

antenna can be miniaturized without deteriorating the bandwidth of the antenna compared

to the µr = 1 case. In this chapter, a more thorough analysis is presented to explain why

magneto-dielectrics are better substrates than the dielectric counterparts.

Following Hansen and Burke’s analysis in [26], developing and characterizing artificial

magneto-dielectric substrates have gained increasing attention because of the absence of

low loss magneto-dielectric materials in nature. Artificial magneto-dielectric substrates

constructed of embedded circuits in a dielectric host medium have been reported in [40],

[41], [42], [62], and [43]. A detailed review on these material can be found in Chapter 3 of

this thesis.

Artificial magneto-dielectric substrates were also used as the antenna substrate. Ac-

cording to the results reported in [42], miniaturization factors of 4-7 have been obtained

for microstrip patch antennas that are designed around 200 MHz-250 MHz. Although
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magneto-dielectric characteristics and antenna miniaturization can be achieved with the

usage of such engineered substrates, the substrates reported so far were lossy and bulky;

hence, not suitable for the mobile applications. Moreover, the substrates were reported to

show highly-dispersive anisotropic behavior, which is another limitation for their applica-

tion to the antenna miniaturization.

It was suggested in [63] that the magneto-dielectric substrates with natural magnetic

inclusions, e.g. ferromagnetic films, can provide higher relative permeability values such

that the effect of the dispersion can be compensated. Composites of nickel [49], [46] and

cobalt [49] have been used to synthesize low-loss magnetic materials. Applications of

these magnetic composite substrates to the antenna miniaturization problem have also been

published in the literature recently [46], [49], [64]. However, the research that has been

conducted so far is mostly focused on the MHz frequency range, and there is still a need

to have low-loss magnetic materials in the GHz frequencies. Although size reduction is

a more critical issue for MHz frequencies, most mobile applications can benefit from the

efficient miniaturization of antennas with the use of magneto-dielectric materials at GHz

frequencies.

There have been intuitive explanations in the aforementioned papers on why the magneto-

dielectrics are expected to provide effective antenna miniaturization. However, there is not

enough theoretical analysis in the literature to support these intuitive explanations. More-

over, since most of the previous analysis on the planar antennas assume dielectric sub-

strates, the previous theoretical analysis also fails to provide direct insight to answer this

question. Therefore, in this chapter the well-known analysis methods, such as cavity the-

ory for the microstrip patch antenna, are revisited and applied for the magneto-dielectric

substrates. The details of the analysis are presented in the next section.
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4.2 Why are Magneto-dielectrics Better Substrates?

In this section, the advantages of the magneto-dielectric substrates for the planar antennas

are explained by analyzing the bandwidth, the radiated power, and the stored electromag-

netic energy of a microstrip patch antenna on a magneto-dielectric substrate. Although a

preliminary analysis was reported in [26], a more detailed analysis is provided here to ex-

plain how the stored energy and the radiated power of the antenna are also affected from

increasing the permeability of the substrate.

A microstrip patch antenna can be considered as a lossy cavity; therefore, the well-

known cavity model has been proposed to analyze the patch antenna [65]. In the cavity

model, the volume beneath the patch is treated as a rectangular cavity loaded with the

antenna substrate with the relative permittivity εr and the relative permeability µr. The

substrate is assumed to be truncated and not extended beyond the edges of the patch, as

shown in Figure 67. Moreover, the cavity is assumed to be bounded by electric walls on

the top and bottom, and magnetic walls along the periphery. This assumption is based on

the following observations for thin substrates (h � λ0) [65]:

1. The fields in the interior region do not vary with z due to the thin substrate (
∂

∂z
≡ 0).

2. The electric field is z directed only, Ez, and the magnetic field has only the transverse

components in the interior region, Hx and Hy.

3. The electric current on the patch has no component normal to the edge of the patch

metallization, which implies the tangential magnetic field along the edge is negligi-

ble.

The field distribution of the patch antenna can be divided into two regions: the interior

fields, Ēi and H̄i, and the exterior fields, Ēe and H̄e. As mentioned before, there are only

three components of the interior fields, Ez, Hx and Hy, since the substrate is thin. The

dielectric loss, conductor loss, and surface wave loss are all assumed to be zero in this

analysis.

92



Figure 67. Cavity model with magnetic walls for analyzing microstrip patch antenna on a magneto-
dielectric substrate.

The interior electric field must satisfy the inhomogeneous wave equation that can be

derived from Maxwell’s equations

(∇t)2Ez + k2Ez = jωµrµ0ẑ · J̄ (20)

where k2 = ω2µ0µrε0εr, J̄ is the excitation current density either due to coaxial feed or the

microstrip feed, ẑ is a unit vector normal to the plane of the patch, and (∇t)2is the transverse

del operator with respect to the z axis.

The fields should also satisfy the following boundary conditions:

n̂ × Ēi = 0 on the electric walls

n̂ × Ēe = n̂ × Ēi on the magnetic walls (21)

n̂ × H̄e = n̂ × H̄i = 0 on the magnetic walls

where n̂ is the unit outward normal to the walls.

The interior electric field distribution can be obtained in terms of the eigenfunctions of
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the cavity by solving the inhomogeneous wave equation in (20) with the boundary condi-

tions in (21). The electric field in the patch cavity can be expressed as

Ez(x, y) =
∑

m

∑
n

Amnψmn(x, y) (22)

where Amn are the amplitude coefficients of the eigenfunctions, ψmn. The eigenfunctions

are solutions of

(∇2
t + k2

mn)ψmn = 0. (23)

Substituting (22) for Ez in (20), and multiplying both sides by ψ∗mn ,and integrating over the

patch, the amplitude coefficients, Amn, in (22) can be obtained as

Amn =
jωµrµ0

k2 − k2
mn

!
Jzψ

∗
mndS!

ψmnψ∗mndS
. (24)

Substituting Amn in (22) gives

Ez = jωµrµ0

∑
m

∑
n

1
k2 − k2

mn

!
Jzψ

∗
mndS!

ψmnψ∗mndS
(25)

where kmn is defined as

kmn =

√(mπ
L

)2
+

(nπ
W

)2
(26)

The magnetic field can be obtained using

~H =
1

jωµrµ0
ẑ × ∇Ez (27)

The eigenfunctions, ψmn depend on the shape and size of patch of the antenna, and not

on substrate parameters. The eigenfunctions for the rectangular patch shown in Figure 67

are given as [65]

ψmn = cos
(mπx

L

)
cos

(mπy
W

)
. (28)

At this point, the analysis is carried out with two different excitation cases. First, a

constant amplitude coaxial excitation is assumed. Next, a constant voltage excitation is

assumed. The fields obtained for both excitations are further analyzed to calculate the

radiated field and the stored electromagnetic energy. The results are compared for a dielec-

tric and a magnetic substrate to explain why increasing the permeability of the substrate

increases the bandwidth of the antenna.
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4.2.1 Constant Current Excitation

Assuming a coaxial feed, the excitation current, Jz, at the feed point (x0, y0) can be defined

as

Jz = I0δ(x − x0)δ(y − y0). (29)

Substituting (28) and (29) in (25), the expression for the E-field can be rewritten as follows

for the TM10 mode

Ez = jωµrµ0I0
2

WL
1

(k2 − k2
10)

cos
(
πx0

L

)
cos

(
πx
L

)
. (30)

Using (27), the magnetic field can also be calculated as

Hy = −I0
2

WL
π

L
1

(k2 − k2
10)

cos
(
πx0

L

)
sin

(
πx
L

)
. (31)

(30) and (31) can be rewritten as follows by collecting the common terms

Ez = jωµrµ0B0 cos
(
πx
L

)
(32)

Hy = −
π

L
B0 sin

(
πx
L

)
(33)

where

B0 = I0
2

WL
1

(k2 − k2
10)

cos
(
πx0

L

)
. (34)

The electromagnetic energy stored under the patch can be determined by integrating the

fields under the patch. The total stored electromagnetic energy Wt is defined as:

WT = We + Wm =
1
4

$
V

(ε|E|2 + µ|H|2) dV. (35)

Since the electric and magnetic energies are equal at the resonance, (35) can be simplified

to

Wt = We + Wm =
1
2

$
V

(ε |E|2) dV (36)

'
1
2
εh
"

S

(|E|2 dS ) for thin substrates. (37)
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Substituting the expression for Ez, in (37) yields

Wt =
1
2
εrε0h

∫ W/2

−W/2

∫ L/2

−L/2
(ωµrµ0|B0|)2 cos

(
πx
L

)
dx dy

=
1
4
ω2µ2

rµ
2
0|B0|

2εrε0hWL (38)

Calculating the radiated power using the interior fields defined in (32) and (33) is not

possible since there was no loss mechanism in the cavity modeling the radiation. The

radiated power of the antenna, Pr, can be determined by integrating the radiated fields over

the hemisphere above the patch, which is given as

Pr =
1

2η0

∫ 2π

0

∫ π/2

0
(|Eθ|

2 + |Eφ|
2)r2 sin θ dθ dφ. (39)

Eθ and Eφ are the θ and φ components of the radiated E-field. The expressions for Eθ and

Eφ are complicated functions of θ, φ, and the substrate parameters.

While calculating the far-fields of the patch antenna, both the electric and magnetic

current densities of the antenna should be considered. The electric current density, Js,

occurs due to the presence of the conducting patch and distributed on the radiating patch

of the antenna. The magnetic current density, Ms, is a result of the strong E-field under the

antenna and is distributed along the side periphery of the cavity. Ms is the main radiating

current since the image of the horizontal magnetic current with respect to the ground plane

is in the same direction with the original magnetic current; whereas, the radiated fields

of the horizontal electric current are mostly cancelled with the fields of the image current.

Although usually the power radiated Js is neglected in the literature [10], the power radiated

by both current densities are calculated here for the sake of completeness.

4.2.1.1 Radiated power by the electric patch current

It was proposed in [66] that the radiated fields of the patch antenna can be approximated

using the radiated fields of a horizontal Hertzian electric dipole placed on top of a grounded

substrate. In this method, the conductor-backed substrate is modeled with a transmission

line analogy and the radiated fields of the Hertzian dipole are found including the effect of
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the substrate on the radiated fields. The details of this analysis can be found in [66] and

[67].

Once the expressions for the radiated fields are known, the radiated power can be cal-

culated using (39). In [66], the following expression is derived for the radiated power from

a Hertzian electric dipole on top of a thin magneto-dielectric substrate:

Ph
r =

1
λ2

0

(k0h)2
[
80π2µ2

r

(
1 −

1
εrµr

+
2/5
ε2

r µ
2
r

)]
. (40)

Next, the radiated power by the electric current distribution on the patch antenna can

be approximated with the radiated power from an equivalent Hertzian dipole of the same

current moment. The electric current distribution on the patch can be found from the H-

field expression as

Js = B0

(
π

L

)
sin

(
πx
L

)
(41)

Using Js, the current moment for the patch current can be obtained as

meq =

"
S

Js dx dy (42)

=

∫ W

0

∫ L

0
B0

(
π

L

)
sin

(
πx
L

)
dx dy (43)

= 2B0W (44)

The radiated power by the electric current density of the patch antenna is then equal to [66]

Pe
r = m2

eqPh
r

= 4B2
0W2 1

λ2
0

(k0h)2
[
80π2µ2

r

(
1 −

1
εrµr

+
2/5
ε2

r µ
2
r

)]
. (45)

Although it was claimed in [66] that the radiated power expression derived in this paper

is the total radiated power of the patch antenna, it only includes the contribution of the

electric current of the patch antenna.

4.2.1.2 Radiated power by the magnetic current

The equivalent magnetic currents are distributed along the periphery of the patch antenna.

Although there are four slots along the periphery of the antenna, two of these slots are
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non-radiating slots and their contribution can be neglected for the approximate expressions

[10]. Therefore, the patch antenna can be modeled as a combination of two parallel slots

of length W, height h and a distance L apart. The magnetic current distribution on the slots

can be calculated from the E-field under the patch antenna and using the image theory as

Ms =


2ωµrµ0B0, −

W
2
≤ y ≤

W
2

and −
h
2
≤ z ≤

h
2

0, elsewhere
(46)

The radiated fields calculated using the equivalent magnetic currents result in complicated

expressions of θ, φ and substrate parameters. Approximate expressions for the thin sub-

strates can be derived, and the total radiated power can be calculated using (39) and a

closed-form expression was obtained for thin substrates by Thouroude et. al. in [68]. The

expression is repeated here as follows:

Pm
r =

(ωµrµ0B0h)2Aπ4

23040

[
(1 − B)(1 −

A
15

+
A2

420
) +

B2

5
(2 −

A
7

+
A2

189
)
]

(47)

where A = (πW/λ0)2 and B = (2L/λ0)2.

The total radiated power of the patch antenna is the sum of the power radiated by the

equivalent electric current and magnetic current densities.

Pr = Pe
r + Pm

r (48)

where Pe
r and Pm

r are given in Equations (45) and (47), respectively.

Now that the expression for the stored electromagnetic energy and the radiated power

are known, the quality factor Q, of the antennas can also be calculated. The quality factor

can be defined as

Q =
ωrWt

Pr
. (49)

The quality factor of the antenna is a useful parameter since the VSWR 2:1 bandwidth of

the antenna can be approximated using

BW =
1

Q
√

2
× 100. (50)

98



The effect of increasing the permeability of the substrate can be studied comparing the

WT , Pr, and, Q of two patch antennas with same dimensions but on two different substrates.

One of the substrates is chosen as a dielectric substrate with εr = K, µr = 1 while the other

one is a magnetic substrate with εr = 1, µr = K. Patch antennas on these substrates are

assumed to have the same resonance frequency ω since εrµr = K for both cases, and they

are excited with the same current I0.

4.2.1.3 Dielectric substrate with εr = K, µr = 1

Let us assume the fields of the patch antenna on this dielectric substrate are labeled as E1

and H1. Substituting the substrate parameters in (32) and (33) yields

E1 = jωµ0B0 cos
(
πx
L

)
(51)

H1 = −
π

L
B0 sin

(
πx
L

)
. (52)

It should be noted that B0 does not depend on substrate parameters, as expressed in (34).

By substituting the substrate parameters in (37), the total stored electromagnetic energy

Wt1 is given as

Wt1 =
1
4
ω2µ2

0|B0|
2Kε0hWL (53)

Using (45), the radiated power of the patch current Js on the dielectric substrate can be

found as

Pe
r1 = 4B2

0W2 1
λ2

0

(k0h)2
[
80π2

(
1 −

1
K

+
2/5
K2

)]
(54)

Similarly, the radiated power of the equivalent magnetic currents can be found using (47)

as

Pm
r1 =

(ωµ0B0h)2Aπ4

23040

[
(1 − B)(1 −

A
15

+
A2

420
) +

B2

5
(2 −

A
7

+
A2

189
)
]

(55)

Then the total radiated power of the patch is found as

Pr1 = (Pe
r1 + Pm

r1). (56)
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4.2.1.4 Magnetic substrate with εr = 1, µr = K

Assuming the fields of the patch antenna on this magnetic substrate are E2 and H2, the

expression for the fields can be obtained from (32) and (33) as

E2 = jωµ0KB0 cos
(
πx
L

)
(57)

H2 = −
π

L
B0 sin

(
πx
L

)
. (58)

Total stored energy, Wt2 can be calculated using (37) and it is given as

Wt2 =
1
4
ω2K2µ2

0|B0|
2ε0hWL. (59)

Using (45), the radiated power of the patch current can be found as

Pe
r2 = 4B2

0W2 1
λ2

0

(k0h)2
[
80π2K2

(
1 −

1
K

+
2/5
K2

)]
. (60)

Similarly, using (47), the radiated power of the equivalent magnetic currents can be found

as

Pm
r2 =

(ωKµ0B0h)2Aπ4

23040

[
(1 − B)(1 −

A
15

+
A2

420
) +

B2

5
(2 −

A
7

+
A2

189
)
]
. (61)

Then, the total radiated power of the patch antenna is found as

Pr2 = Pe
r2 + Pm

r2 = K2(Pe
r1 + Pm

r1). (62)

4.2.1.5 Summary of the Constant Current Analysis

When two identical patch antennas printed on separate magnetic and dielectric substrates,

satisfying εrµr = K, are excited with the same coaxial current, the following observations

can be made

1. The electric field amplitude of the patch antenna on the magnetic substrate is stronger

than the amplitude of the electric field of the patch antenna on the dielectric substrate.

E2 = KE1 (63)

2. The amplitude of the magnetic field is the same for both cases.

H2 = H1 (64)
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3. The total stored electromagnetic energy is increased by K in the magnetic substrate

since amplitude of the electric field is stronger compared to the dielectric substrate.

Wt2 = KWt1 (65)

4. Similar to the stored electromagnetic energy, the radiated power from the patch on the

magnetic substrate is greater than the power radiated from the patch on the dielectric

substrate.

Pr2 = K2Pr1 (66)

5. Since the radiated power from the patch on magnetic substrate increases with K2

while the stored energy increases only by K, the quality factor of the antenna de-

creases by K compared to the Q of the dielectric substrate. Using (65) and (66), the

ratio of the quality factors of these two cases can also be obtained as

Q2 =
Q1

K
(67)

6. The lower quality factor obtained from the patch on the magnetic substrate translates

to a higher impedance bandwidth.

It can be concluded from this analysis that increasing the permeability of the substrate is

more advantageous than increasing the permittivity of the substrate to miniaturize the an-

tenna since the bandwidth of the antenna can be improved, while miniaturizing the antenna

simultaneously. The results obtained from the constant current analysis are summarized in

Figure 68.

4.2.2 Constant Voltage Excitation

The analysis can be repeated for the constant voltage excitation case as well. The electric

and magnetic fields can be expressed in the following forms when the antenna is excited

with constant voltage between the patch and the ground plane. If the amplitude of the

voltage phasor is V0,

Ez = −
V0

h
cos

(
πx
L

)
(68)
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Figure 68. Summary of the constant current analysis

Hy = −
V0

jωµrµ0h
π

L
sin

(
πx
L

)
(69)

Substituting these field expressions in (37) the stored electromagnetic energy can be

obtained as

WT =
1
2
εh
"

S

(|E|2 dS ) =
1
4
εrε0WL

(V0)2

h
(70)

The expressions for the radiated powers by the electric and magnetic current densities

were derived for the constant current excitation analysis. The expressions in Equations (45)

and (47) can be rewritten here for the constant voltage excitation.

PE
R = 4W2(V2

0
ε0

µ0λ
2
0

[
80π2

(
1 −

1
εrµr

+
2/5
ε2

r µ
2
r

)]
. (71)

PM
R =

(V0)2Aπ4

23040

[
(1 − B)(1 −

A
15

+
A2

420
) +

B2

5
(2 −

A
7

+
A2

189
)
]

(72)

where A = (πW/λ0)2 and B = (2L/λ0)2. A close look in (72) reveals that on the contrary to

the radiated power expression calculated with the Hertzian electric dipole in (71), the radi-

ated power expression using the magnetic Hertzian dipole is not dependant on the substrate

parameters εr and µr for thin substrates. The reason is explained in Appendix B using a

transmission line analogy.

102



The total radiated power of the antenna is the sum of the power radiated by the equiva-

lent electric current and magnetic current densities.

PR = PE
R + PM

R (73)

where PE
R and PM

R are given in Equations (71) and (72), respectively.

Similar to the analysis with the constant current excitation, the effect of increasing the

permeability of the substrate can be studied comparing the WT , Pr, and Q of two patch

antennas with the same dimensions but on two different substrates. One of the substrates

is chosen as a dielectric substrate with εr = K, µr = 1, while the other one is a magnetic

substrate with εr = 1, µr = K. Patch antennas on these substrates are assumed to have the

same resonance frequency ω since εrµr = K for both cases. Both antennas are excited with

the same voltage V0 between the patch and the ground plane.

4.2.2.1 Dielectric Substrate with εr = K, µr = 1

Let us assume the fields of the patch antenna on this dielectric substrate are labeled as E1

and H1. The expressions can be obtained as follows using (68) and (69)

E1 = −
V0

h
cos

(
πx
L

)
(74)

H1 = −
V0

jωµ0h
π

L
sin

(
πx
L

)
(75)

The stored electromagnetic energy of the substrate for the patch on the dielectric substrate

can also be found using (70) as

WT1 =
1
4

Kε0WL
(V0)2

h
(76)

The radiated powers by equivalent electric and magnetic current densities of the antenna

on the dielectric substrate can be calculated using Equations (71) and (72) as

PE
R1 = 4W2(V2

0
ε0

µ0λ
2
0

[
80π2

(
1 −

1
K

+
2/5
K2

)]
. (77)

PM
R1 =

(V0)2Aπ4

23040

[
(1 − B)(1 −

A
15

+
A2

420
) +

B2

5
(2 −

A
7

+
A2

189
)
]
. (78)
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The total radiated power of the antenna can then be calculated as

PR1 = PE
R1 + PM

R1. (79)

4.2.2.2 Magnetic Substrate with εr = 1, µr = K

Similar to the dielectric case, substituting the substrate parameters in the corresponding

formulas for the interior fields, the stored electromagnetic energy and the radiated power

yields

E2 = −
V0

h
cos

(
πx
L

)
(80)

H2 = −
V0

jωµ0Kh
π

L
sin

(
πx
L

)
(81)

WT2 =
1
4
ε0WL

(V0)2

h
(82)

The radiated powers by equivalent current densities of the antenna on the magnetic sub-

strate can be calculated using Equations (71) and (72) as

PE
R2 = PE

R1 = 4W2(V2
0
ε0

µ0λ
2
0

[
80π2

(
1 −

1
K

+
2/5
K2

)]
(83)

PM
R2 = PM

R1
(V0)2Aπ4

23040

[
(1 − B)(1 −

A
15

+
A2

420
) +

B2

5
(2 −

A
7

+
A2

189
)
]

(84)

The total radiated power of the antenna on the magnetic substrate can then be calculated as

PR2 = PE
R2 + PM

R2 = PR1. (85)

4.2.2.3 Summary of the Constant Voltage Analysis

When two identical patch antennas printed on separate magnetic and dielectric substrates,

satisfying εrµr = K, are excited with the same voltage between the patch and the ground

plane, the following observations can be made

1. The electric field amplitudes are equal for both substrates since the excitation voltage

has the same amplitude.

E2 = E1 (86)
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2. The magnetic field amplitude of the patch antenna on the magnetic substrate is

smaller by K compared to the field under the patch on the dielectric substrate.

H2 =
H1

K
(87)

3. Similar to the magnetic field, the total stored electromagnetic energy is decreased by

K in the magnetic substrate.

WT2 =
WT1

K
(88)

4. The radiated power from the patch is the same for both substrates since the amplitude

of the electric field is the same for both cases.

PR2 = PR1 (89)

5. Since the radiated power from the patches are the same while the the stored energy

decreases by K, the quality factor of the antenna decreases by K compared to that

of the patch on the dielectric substrate. Using (88) and (89), the ratio of the quality

factors of these two cases can also be obtained as

Q2 =
Q1

K
(90)

6. The lower quality factor obtained from the patch on the magnetic substrate translates

to a higher impedance bandwidth.

The results obtained from the constant voltage analysis is summarized in Figure 69.

As expected, the same Q-factor ratio is found from both cases using the constant current

excitation and the constant voltage excitation. It was found that when the antennas are

excited with the same current, the amplitude of the E-field in the magnetic substrate is

stronger than that of the E-field in the corresponding dielectric substrate. This translates to

an increase in both the stored electromagnetic energy and the radiated power of the antenna

when the magnetic substrate is used. However, detailed calculations revealed that since
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Figure 69. Summary of the constant voltage excitation analysis

the increase in the radiated power is more than the increase in the stored electromagnetic

energy, the quality factor of the antenna on the magnetic substrate decreases despite the

increase in the stored electromagnetic energy.

The situation is a little different when both antennas are excited with the same voltage.

In this case, since the voltage is the same for both antennas the E-field is the same for

both antennas. However, it was found that the amplitude of the H-field in the magnetic

substrate is smaller than the amplitude of the H-field in the corresponding dielectric sub-

strate. Smaller H-field translates to a smaller stored electromagnetic energy in the magnetic

substrate. Since the radiated power is the same for both cases due to the identical E-field

strength, the Q of the antenna is smaller for the magnetic substrate.

4.3 Simulations of Microstrip Patch Antennas on Magneto-dielectric
Substrates

In addition to the theoretical analysis presented in the previous section, an experimental

study based on the simulations of the microstrip patch antennas on finite magneto-dielectric
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Figure 70. Details of the microstrip patch antenna used in the simulations. (a) Top view, (b) Side view.

substrates has been performed. The simulated results of the peak gain, the percentage band-

width, the radiation efficiency, and the size of the patch antennas on 1 mm thick substrates

with εr = 4.4 and µr ranging from 1 to 13 were compared to investigate the effects of

increasing µr on the antenna performance. In all cases, the microstrip patch antenna was

designed such that only the dominant TM10 mode was excited, and the resonance frequency

was set at 2.5 GHz. A 50Ω coaxial feed was used for all designs. The ground plane was

extended 15 mm beyond each side of the patch for all cases. The details of an example

structure is shown in Figure 70.

The results of the simulations for the patch area, percentage bandwidth, the radiation

efficiency, and peak gain are presented in Figures 71, 72, 73, and 74 respectively. The

values obtained for these parameters for different µr of the substrate are also included as

a table in each figure. In agreement with the findings of the theoretical analysis explained

in the previous section, it was found from the simulations that the effective antenna minia-

turization is possible with the use of magneto-dielectric substrates. It was observed that

increasing the µr of the substrate increases the radiation efficiency, the percentage band-

width, and the peak gain while decreasing the patch size. As seen in Figure 71, the patch

size can be decreased by 90% by increasing the µr of the substrate from 1 to 13.

As seen in Figure 72, the percentage bandwidth increases from 2% to 7.3% as µr of the
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Figure 71. Patch area comparison of the microstrip patch antennas simulated on substrates with εr =

4.4 and µr is swept from 1 to 13.

substrate is increased from 1 to 13. The fundamental limit for the bandwidth calculated

by using the minimum achievable quality factor formula derived by McLean [69] is also

shown in Figure 72. McLean derived the minimum attainable radiation Q of a linearly

polarized antenna in [69] by calculating the radiation Q associated with the TM10 or TE10

spherical modes. The equation for the minimum attainable Q is modified as follows to

account for the losses in the system:

Q =

(
1

(ka)3 +
1

(ka)

)
× η, (91)

where k is the wavenumber in vacuum, a is the radius of the smallest sphere enclosing the

antenna, and η is the total efficiency. Using this minimum Q value, an approximation for

the maximum VSWR=2:1 (∼-10 dB) bandwidth can be found using (50).

While calculating the fundamental limit, the radius of the smallest sphere enclosing

the antenna, a, was calculated using two different assumptions. In the first assumption, a

was taken as the diagonal length of the patch, and the values are labeled as “Fundamental

Bandwidth (1)” in Figure 72 for this assumption. When this assumption is used, the results

show that the magneto-dielectric substrates can help to abrogate the fundamental limits on

the electrically small antennas, as seen in Figure 72.

In the second assumption, a was calculated by assuming that the diameter of the radi-

ansphere is equal to one third of the diagonal of the ground plane. This assumption is based
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Figure 72. Percentage bandwidth comparison of the microstrip patch antennas simulated on substrates
with εr = 4.4 and µr is swept from 1 to 13. Please note that the fundamental values for µr = 1 and µr = 2
are not included in the graph since the equations give impractical values for these cases.

Figure 73. Radiation efficiency comparison of the microstrip patch antennas simulated on substrates
with εr = 4.4 and µr is swept from 1 to 13.

on the fact that the currents on the ground plane are also contributing to the radiation and

they should also be included when determining the size of the antenna. As seen in Figure

72, the simulated values converge to the values calculated with this assumption, labeled as

“Fundamental Bandwidth (2)” in the figure. This is a more reliable comparison since the

fundamental limits should not be dependent on the permeability of the substrate. It should

also be mentioned that as the permeability is increased beyond 13, the bandwidth keeps the

increasing trend. However, it was observed that higher order TM20 mode also gets excited

and the comparison with the fundamental limits is not possible for these multi-mode cases.

The radiation efficiency of the antenna was also studied, and it was observed that the

radiation efficiency increases as µr of the substrate increases.
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Figure 74. Peak gain comparison of the microstrip patch antennas simulated on substrates with εr = 4.4
and µr is swept from 1 to 13.

Similar to the bandwidth, the antenna gain was also compared with the fundamental

limit calculated using the normalized gain formula derived by Harrington [70], repeated as

follows:

G = (ka)2 + 2ka, (92)

where k and a are defined as in (50). The same assumptions employed for the bandwidth

case were used to estimate the radius of the radiansphere. As seen in Figure 74, the sim-

ulated gain values exceed the fundamental gain values calculated using (92). However, it

should be noted that the normal gain defined in (92) provides an absolute upper limit to the

gain of the antenna for the antennas with moderate Q values. The antennas compared in

this study have high Q values which may invalidate the applicability of (92).

As seen from the table in Figure 74, the peak gain of the antenna increases and nearly

converges to 3.45dBi as the µr of the substrate is increased. Although it is not shown in

Figure 74, the peak gain starts to decrease as µr is increased beyond 15. This decrease

in the gain can be explained considering the radiation pattern comparison of the antennas,

shown in Figure 75. As seen from the radiation patterns, in addition to the broadside peak

gain, the back-scattering of the antenna also increases as µr of the substrate is increased.

This shows that the surface wave propagation becomes stronger with increasing µr. The

analysis of surface wave propagation on conductor-backed magneto-dielectric substrates is

discussed in the next section.
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Figure 75. Radiation pattern comparison of the microstrip patch antennas simulated on substrates with
εr = 4.4 and µr is swept from 1 to 13. (a) E plane, (b) H plane.

4.4 Surface Wave Analysis of Conductor-backed Magneto-dielectric
Substrates

Printed antennas excite surface waves which can be defined as the wave propagation along

the boundary of the conductor-backed substrate and the air medium. It is critical to char-

acterize the surface wave propagation and the power carried with these waves since it con-

stitutes a significant amount of the loss in an antenna. Moreover, surface wave propagation

is the main cause of the undesired coupling between the neighboring RF components. Sur-

face waves are also responsible for deteriorating the far field pattern of the antenna since

they diffract as they reach the edges of the substrate.

Although full-wave electromagnetic simulations include the effect of the surface waves

in the solved fields, it is useful to analyze the surface wave propagation analytically since

the analytical expressions can provide more insight. Conductor-backed dielectric substrates

have been studied before and approximate expressions for the surface wave power can be

found in [71], [72], and [65]. In this section, the analysis of the surface wave power in a

conductor-backed magneto-dielectric substrate is presented. The analysis presented in this

section follows the derivation in [71], and the results are obtained from the exact Green’s

function for the conductor-backed magneto-dielectric substrate.
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4.4.1 Surface Wave Power of a Hertzian Dipole on a Conductor-backed Magneto-
dielectric Substrate

The spectral domain Green’s functions for the microstrip geometries have been derived and

presented in the literature to analyze the surface wave modes excited in the substrates. For

instance, the surface wave power due to a horizontal electric dipole on top of a conductor-

backed dielectric was analyzed in [71], using the spectral-domain Green’s function to de-

rive the exact and approximate expressions depending on the substrate parameters. A

similar analysis is presented in this section for the conductor-backed magneto-dielectric

substrates.

The derivation of the spectral Green’s function for a conductor-backed magneto-dielectric

substrate is presented in Appendix C. The x-directed electric field at (x, y, h) on the surface

of a conductor-backed magneto-dielectric slab caused by a Hertzian electric dipole current

at (0, 0, h) can be expressed as (Eq. (201) in Appendix C)

Exx =
1

4π2

∫ ∞

−∞

∫ ∞

−∞

Z̃xxe jkx xe jkyy dkx dky (93)

where

Z̃xx =
− jZ0 sin(k1h)

k0β2

k2
xk1k2

Tm
+
µ2

r k2
0k2

y

Te

 (94)

Tm = εrk2 cos(k1h) + jk1 sin(k1h) (95)

Te = k1 cos(k1h) + jµrk2 sin(k1h) (96)

k2
1 = εrµrk2

0 − β
2 (97)

k2
2 = k2

0 − β
2 (98)

β2 = k2
x + k2

y (99)

Z0 =
√
µ0/ε0 (100)

Exx denotes the x component of the E-field caused by an x-directed Hertzian dipole

on the z = h plane. There is no loss of generality by choosing the x-directed current. It

should be noted that the integral in Eq. (93) is defined over the entire spectral domain, and
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it is critical to pay attention to the singular points, where Tm and Te functions forming the

denominator of the Green’s function have zeros. As defined in Equations 96 and 95, Tm and

Te are functions of β, and their zeros represent the transverse magnetic (TM) and transverse

electric (TE) surface wave poles [73]. For the lossless substrates, as the one considered in

this analysis, the surface wave poles occur for real β = β0 values and positioned in the

k0 ≤ β0 <
√
εrµrk0 interval on the real β axis.

The first TM surface wave mode, designated as TM0 mode, has a zero cutoff frequency

so it is always excited when εr > 1. Therefore, there is at least one surface wave pole

associated with this mode. The cutoff frequencies for the first TE mode and higher order

TM modes are usually in the millimeter wave range and are neglected in this analysis for

simplicity.

The power carried by the E-field can be found as follows:

PT = −Re


∫
S

ExxJs dS

 (101)

where Js is the infinitesimal current of the Hertzian dipole at (0, 0, h)

Js = δ(x)δ(y) (102)

Substituting (93) in (101) yields

PT =
−1
4π2 Re

{∫ ∫
Zxx(kx, ky) dkx dky

}
. (103)

Applying the following transformation:

kx = β cos φ (104)

ky = β sin φ

to the integral in (103) gives

PT =
−1
4π2 Re

{∫ 2π

φ=0

∫ ∞

β=0
Zxx(φ, β)β dβ dφ

}
(105)
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The limits for the β integral in (105) is 0 < β < ∞. Since this range includes the surface

wave pole for the TM0 mode, some adjustments are needed to calculate the integral. First,

assuming the pole corresponding to the TM0 mode occurs for β0, the integration in (105)

can be divided into three integrals as follows [73]:∫ 2π

φ=0

∫ ∞

β=0
( ) dβ dφ =

∫ 2π

φ=0

{∫ β0−δ

0
( ) dβ +

∫ β0+δ

β0−δ

( ) dβ +

∫ ∞

β0+δ

( ) dβ
}

dφ. (106)

Applying this method to (105) results in three integrals. The first integral with limits

0 ≤ β < β0 − δ corresponds to the power carried by the space waves, i.e. radiated power.

The second integral gives the surface wave power since the limits for this integral is in the

vicinity of β0. Since the aim of this analysis is to find the surface wave power, the second

integral is calculated in Appendix D to yield the following expression for surface wave

power, assuming the surface wave pole occurs at β0 = x0k0:

Psw =
Z0k2

0

4
εr(x2

0 − 1)

(k0h)
[
1 +

ε2
r (x2

0 − 1)

(εrµr − x2
0)

]
+ εr


√

x2
0 − 1

(x2
0 − εrµr)

+
1√

x2
0 − 1


(107)

The result obtained for Psw is exact if x0 is the exact value. The exact value can be

obtained through a root finding algorithm which usually requires an iterative approach and

an initial value. A close approximation can be obtained using a Taylor series expansion for

Tm.

If the substrate is electrically thin and lossless, it is expected that β0/k0 = x0 ≈ 1. The

value of x0 can then be approximated as x0 = 1 + δ. Substituting x0 into Tm = 0 yields

Tm = εrk2 + jk1 tan(k1h) = 0 (108)

= εr

√
2δ + δ2 −

∞∑
n=0

αnδ
n = 0 (109)

where the infinite sum is a Taylor series representation for k1 tan(k1h) around the point
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Figure 76. Calculated surface wave power for dielectric and magnetic substrates.

x0 = 1. The first few coefficients of the infinite sum can be defined as

α0 = s tan(k0hs) (110)

α1 = −
1
s

[
tan(kohs) +

k0hs
cos2(k0hs)

]
(111)

s =
√
εrµr − 1 (112)

Using two-term expansion yields

x0 = 1 +
α0α1 − ε

2
r + εr

√
ε2

r − 2α0α1 + α2
0

ε2
r − α

2
1

(113)

Substituting Eq. (113) in (107) the surface wave power was calculated for different

dielectric and magnetic substrates, where εr and µr were swept. Figure 76 shows the cal-

culated results for 0.5 mm thick substrates at 2.5 GHz. The thickness value was chosen so

that the approximation for x0 is valid for the ranges of εr and µr sweeps.

As expected, surface wave power increases when either the permeability or the per-

mittivity is increased. This can be explained intuitively with the increase in the electrical

thickness of the substrate as εr or µr is increased. A more interesting observation that can
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Figure 77. Power flow graph of the surface waves excited by patch antennas on a magnetic (εr = 1
µr = 12) and a dielectric substrate (εr = 9 µr = 1). The graphs are plotted on the cross-sections of the
substrates, and the substrates are truncated in the figure for a closer view. (a) Magnetic substrate, (b)
Dielectric substrate.

be made from Figure 76 is that the surface wave power increases faster with increasing per-

meability than the increasing permittivity. This can be explained by considering the surface

wave impedance of the substrate. Surface wave impedance of a lossless conductor-backed

substrate can be approximated with

Zs = jη tan(βh) (114)

where η =
√

(µrµ0)/(εrε0) is the wave impedance in the substrate, β is the propagation

constant, and h is the thickness of the substrate. As permeability is increased both tan(βh)

and η increases; whereas, when permittivity is increased only tan(βh) term increases while

η decreases. T M mode surface waves require an inductive surface wave impedance [74].

Therefore, they propagate further into the substrate carrying more power as the surface

wave impedance becomes more inductive with increasing permeability.

Figure 77 shows the power flow graphs of two patch antennas designed on 1 mm thick

dielectric (εr = 9 µr = 1) and the corresponding magnetic (εr = 1 µr = 12) substrates.

The permittivity and the permeability of the substrates are chosen such that both antennas

resonate at 3 GHz with the same patch size. The simulations were done using the CST.

As seen from the power flow plots on the cross-sections of the substrate, the power flow is

stronger even inside the magnetic substrate; whereas, it is confined only to the surface of

the dielectric substrate, supporting the conclusions drawn earlier.

Power flow graphs were also compared along the substrate and Figure 78 displays the
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Figure 78. Power flow graph of the surface waves excited by patch antennas on a magnetic (εr = 1
µr = 12) and a dielectric substrate (εr = 9 µr = 1). The graphs are plotted on the along the substrates.
(a) Magnetic substrate, (b) Dielectric substrate.

power flow graphs plotted on z = h/2 planes. The difference between the magnetic and

the dielectric substrates can be clearly seen in the figure. Power flow along the magnetic

substrate is much stronger compared to the dielectric cases where most of the fields are

confined under the patch antenna.

Increased surface wave power due to the increasing permeability of the substrate is crit-

ical and should be handled carefully while using the magneto-dielectric substrates. The

radiation of the surface waves from the edges causes back-radiation, which can be consid-

ered to emulate a monopole-like radiation pattern as in the case of a surface wave antenna

[75]. Moreover, when the ground plane size is properly adjusted, the diffracted surface

waves can contribute to the antenna radiation, which can improve the overall gain of the

antenna. This can be a way to compensate for the expected decrease in the gain of the

antenna as the antenna size is miniaturized. On the other hand, if the size of the ground

plane is not adjusted properly, the diffracted surface waves can add onto the radiated fields

of the antenna destructively, resulting in a poor radiation. Moreover, surface waves can

increase the coupling between the antenna and the other antenna elements or the circuitry

integrated on the same substrate. Surface-wave mitigation techniques may be required to

prevent undesired coupling.
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4.5 Conclusions

Magneto-dielectric substrates have been proposed for the efficient miniaturization of an-

tennas. In this chapter, the question why magneto-dielectric substrates are better substrates

than the dielectric substrates has been answered through theoretical and experimental anal-

yses. The limitations of these substrates have also been discussed in this chapter. The

conclusions drawn from the presented analyses are summarized in this section.

The theoretical analysis on microstrip patch antennas printed on a dielectric and the

corresponding magnetic substrate that gives the same miniaturization factor revealed that

increasing the permeability of the substrate is more advantageous to miniaturize the an-

tenna instead of increasing the permittivity of the substrate. It was found that increased

permeability helps to improve the bandwidth of the antenna while miniaturizing the an-

tenna. This is especially valid for the conductor-backed resonator type antennas since the

fields are confined mostly in the substrate for these antennas, making the near-fields of the

antenna depend strongly on the substrate parameters. However, increasing permeability or

the permittivity of the substrate is not as effective of a solution for miniaturizing printed

monopole antennas without backing ground conductor since the substrate is usually thin

compared to surrounding air substrate, resulting in low effective permittivity and perme-

ability.

As expected, similar results were obtained from the experimental study based on the

full-wave electromagnetic simulations of microstrip patch antennas on magneto-dielectric

substrates. In the simulations, several antennas were designed on substrates with the same

permittivity but different permeability. In addition to the supporting evidence on the im-

proved bandwidth of the antenna, the full-wave simulations revealed that the back radiation

of the antenna increases as the permeability of the substrate is increased. It was also found

interestingly that increasing permeability of the substrate helped to increase the peak gain

of the antenna although the patch size was miniaturized at the same time.

The reason for this observation has been explained in this chapter with the surface
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wave power that becomes stronger as the permeability of the substrate is increased. Al-

though this is similar to the case with the dielectric substrates, it was found through further

theoretical analysis that surface wave power increases at a faster rate with the increased

permeability than with the increased permittivity. This is a critical characteristic of the

magneto-dielectric substrates which should be handled properly when these substrates are

used for antenna applications.

The increased surface wave of the antenna can be advantageous or disastrous as far

as the far field of the antenna is considered. This is because if the size of the ground

plane is adjusted properly, the increased surface wave radiation can be diffracted from the

edges of the substrate to add constructively with the radiation of the antenna, resulting in

a higher gain of the antenna. Moreover, increased back-radiation can be used to emulate

the radiation pattern of a monopole antenna. However, if the ground size is not adjusted

properly, the diffracted surface wave radiation may cancel the antenna fields, resulting in

low gain values. Surface wave propagation can also limit the integration of the multiple

antennas on the same substrate due to the increased coupling through surface waves. The

diffraction of the surface waves from the edges of the truncated conductor-backed magneto-

dielectric substrates may be studied in more detail as a part of future work. Finding design

guidelines on the size and shape of the ground plane (circular, rectangular etc.) to optimize

the radiation parameters of the antenna can also be targeted as a part of future work.

In conclusion, the advantages and limitations of the magneto-dielectric substrates can

be listed as follows:

1. Increasing the permeability of the substrate is more advantageous than increasing the

permittivity of the substrate since the antenna can be miniaturized without deterio-

rating the bandwidth of the antenna.

2. Using magneto-dielectric substrates for effective miniaturization of the antenna is

only valid for resonant type antennas with a backing ground plane. This method is

not as effective for printed monopole antennas without a backing conductor.
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3. Although magneto-dielectrics are effective in antenna miniaturization, synthesizing

materials with low magnetic loss is difficult. The simulations on patch antennas have

showed that the total loss of the substrate should be on the order of a loss tangent

around 0.02 to ensure effective radiation of the antenna.

4. Strong surface wave propagation in magneto-dielectric substrates can be advanta-

geous or disadvantageous. The effect of the surface waves on the radiation pattern

of the antenna should be optimized by selecting the size and the shape of the ground

plane carefully.

5. Strong surface wave propagation may limit multiple antenna integration or integra-

tion of the antenna on the module package due to increased coupling between the

components. Co-design of the antenna along with other components is indispensable

for these cases.
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CHAPTER 5

MINIATURIZATION OF REACTIVE IMPEDANCE SURFACES
WITH MAGNETO-DIELECTRIC SUBSTRATES

Printed planar antennas are highly preferred in mobile systems because of their character-

istics such as ease of fabrication and integration, compactness and low profile. Moreover,

backing the planar antenna with a ground plane, as in the case of a microstrip patch antenna,

offers increased front-to-back ratio, while shielding the rest of the system from the fields of

the antenna. On the other hand, planar antennas printed on metal-backed substrates have

limited bandwidth and efficiency. This is because of the cancelation of the radiated fields

of the antenna with the fields of the image current that is in close proximity and opposite to

the antenna current. This results in increased stored electromagnetic energy which causes

narrow bandwidth and low efficiency.

High impedance surfaces and reactive impedance surfaces (RIS) have been extensively

studied to alleviate the image cancelation problem of the low-profile antennas [76], [74].

This method has been especially applied to the antennas on high permittivity substrates

since the miniaturization of the antenna and the RIS can be achieved simultaneously. How-

ever, it was shown in [77] that miniaturizing these surfaces with the high-permittivity sub-

strates results in narrow reflection phase bandwidth, limiting the application of these sur-

faces.

Magneto-dielectric materials, defined as materials with εr > 1 and µr > 1, have been

introduced and raised hope to overcome the difficulties encountered in the miniaturization

of electromagnetic structures with the high-permittivity dielectrics [78]. Although these

materials do not exist in nature, recent developments in material synthesis technologies

have shown promising results based on nano-magnetic compounds, as discussed in Chapter

3 of this thesis.

In this chapter, the application of the magneto-dielectric substrates to miniaturize the
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reactive impedance surfaces is investigated conceptually with the advantages of these ma-

terials over the high-permittivity materials. The reflection phase comparison of a planar

reactive impedance surface with the well-known mushroom type high impedance surface

[74] on a low-profile substrate is also included in the chapter. Additionally, the application

of the miniaturized reactive impedance surfaces to the low-profile microstrip patch antenna

designs is investigated in this chapter.

5.1 Reactive Surface Impedance Concept

Conductor-backed planar antennas are preferable in highly-integrated advanced packaging

technologies to achieve the compact integration with the rest of the circuitry due to their

advantages such as low-profile, low-cost, ease of fabrication and integration. Although

conductor-backed substrates for planar antennas help to achieve the desired front-to-back

ratio values, they are also responsible for the limited bandwidth and efficiency of the an-

tennas. This problem is a result of the cancellation of the antenna fields with the fields of

the image which is in close proximity and opposite in direction to the antenna’s electric

current. This strong coupling between the antenna and its image in turn results in an in-

creased stored electromagnetic energy leading to low-efficiency and narrow-bandwidth of

the antenna [76].

In efforts to alleviate this problem, high-impedance surfaces and artificial perfectly

magnetic conductors (PMC) have been developed [74]. Since the image of the horizon-

tal electric current in close proximity of the PMC surface is in-phase and parallel to the

original electric current, the radiated fields from both of these sources add constructively

resulting in the desired radiation characteristics. Moreover, the input impedance of the

antenna increases making it easier to match the antenna resulting in a wider bandwidth.

However, since the coupling between the antenna and the image is strong as in the case of

perfect electric conductor (PEC) surfaces, the stored electromagnetic energy is still consid-

erably high for PMC ground planes [76].
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Another alternative to the conventional conductor ground plane of an antenna is called

a reactive impedance surface (RIS). The work by Mosallaei and Sarabandi in [76] has

showed that the interaction between the antenna current and the image current can be op-

timized when the surface impedance of the substrate is adjusted to a certain imaginary

impedance. The work in [76] is based on the findings of an earlier publication by Sara-

bandi [79] where the fields of the horizontal and vertical dipole antennas placed on top of a

surface with an arbitrary impedance have been derived using the exact image formulation.

It has been shown in this paper that, if the surface has a moderate value of purely reactive

surface impedance, the interaction between the image and the original antenna current is

considerably reduced since the image current has a sinusoidal form and instead of being

focused at point −z′ close to the source, it is distributed along the line −z′ + jξ, assuming

the antenna current is placed at z′.

Another work on RIS by Yang et.al in [77] supported these findings and showed that

replacing the metal ground plane with an RIS helps to improve the gain and the bandwidth

of the low-profile antenna, when the frequency band of the antenna coincides with the

reflection phase band of the RIS. The reflection phase bandwidth is defined as the frequency

band, where the phase of the reflected E field for normal incidence on the surface is between

−45◦ to +45◦.

Since the most fundamental structure with a reactive surface impedance is a conductor-

backed substrate, the reflection phase characteristics of the conductor-backed magneto-

dielectric substrates are analyzed in the next section. Another way to emulate the effects

of the reactive impedance surfaces is to use periodic surfaces with resonating equivalent

circuits. An example of these surfaces and their miniaturization with magneto-dielectric

substrates is covered in the following sections.
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Figure 79. Transmission line analogy used to find the frequency characteristics of a conductor-backed
magneto-dielectric substrate.

5.2 Conductor-backed Magneto-dielectric Substrate

Although a conductor-backed dielectric substrate has a reactive surface impedance, the

thickness of the substrate needs to be at least one quarter-wavelength, λg/4, to observe

the constructive radiation from the image of the antenna current. This results in imprac-

tical thicknesses with the preferred low-permittivity substrates especially at the low GHz

frequencies that are of interest for most mobile applications.

On the other hand, the conductor-backed magneto-dielectric substrates can provide the

desired reactive impedance characteristics with moderate thickness values, even at low GHz

frequencies, as a result of the increase in the surface impedance as the relative permeability

of the substrate is increased. This can be explained considering the reflection phase char-

acteristics of magneto-dielectric substrates using a transmission line analogy as shown in

Figure 79. In this analogy, the substrate medium and the air medium are both modeled as

cascaded transmission lines loaded with a ZL = 0 short-circuit load modeling the backing

conductor.
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In Figure 79, the TE and TM cases represent two different polarizations of the E-field,

where the E-field is normal and parallel to the x-z plane, respectively. Using the analogy in

Figure 79, the reflection phase response of the magneto-dielectric substrate can be derived

for oblique incidence, where the angle of the incident field with the normal is denoted as

θ0. The reflection coefficient at z = h can be derived as follows by calculating the input

impedance of a shorted transmission line:

ZT E,T M
in = jZT E,T M

c1 tan(β1h) (115)

ΓT E,T M =
ZT E,T M

in − ZT E,T M
c0

ZT E,T M
in + ZT E,T M

c0

= ρ exp( jΦ), (116)

where Zc0, Zc1, β1, and h are defined in Figure 79. Once the corresponding Zc0 and Zc1 for

TE and TM polarizations are substituted in Eq. (115) and Eq. (116) from Figure 79, the

reflection phase of the magneto-dielectric substrate is equal to the argument of the reflection

coefficient ,Φ.

The case of normal incidence is more critical for antenna applications. ZT E,T M
c0 , ZT E,T M

c1

and ZT E,T M
in can be simplified to the following for normal incidence, where θ0 = θ1 = 0:

ZT E,T M
c0 = η0 (117)

ZT E,T M
c1 = η1 (118)

ZT E,T M
in = jη1 tan(β1h). (119)

In these equations, η0 and η1 are the wave impedances of the vacuum and the magneto-

dielectric substrate as defined in Figure 79. Substituting these values into Eq. (116) reduces

that equation to

ΓT E,T M
nor =

jη1 tan(β1h) − η0

jη1 tan(β1h) + η0
= ρnor exp( jΦnor), (120)

where Φnor is equal to the reflection phase for the normal incidence. The reflection phase re-

sponses of the magneto-dielectric substrates with εr = 4.4 and µr = 5, 9, and 13 were com-

pared with that of the dielectric substrate with εr = 4.4 by calculating Φnor in Eq. (120). As
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Figure 80. Reflection phase curves for several magneto-dielectric and dielectric substrates.

seen in Figure 80, the percentage reflection phase bandwidth of the substrate increases with

increasing permeability. The reflection phase bandwidth was accepted as the frequencies

corresponding to the angles between +/ − 45 ◦ [77]. In addition, the zero-reflection-phase

frequency decreases as µr is increased since the guided wavelength decreases. The zero-

reflection-phase frequency can be defined as the frequency at which the substrate acts like

a PMC when thickness of the substrate, h, is equal to a quarter of the guided wavelength.

The reflection phase curve of the dielectric with εr = 13×4.4 = 57.2 was also calculated

and is shown in Figure 80 for comparison. The zero-reflection-phase frequency of this

dielectric is the same with that of the magneto-dielectric with εr = 4.4 and µr = 13 since

the guided wavelength is the same for these two cases. As seen in the figure, the magneto-

dielectric substrate provides a wider bandwidth compared to the high permittivity substrate

with εr = 57.2.

It can be concluded that conductor-backed magneto-dielectrics make better substrates

for the planar antennas compared to the dielectrics due to their high reactive surface impe-

dance. It is expected that the efficiency, bandwidth, and gain of a planar antenna on a

magneto-dielectric substrate are higher than those of an antenna on a dielectric substrate
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since the mutual coupling between the antenna current and the image with respect to the

ground plane is optimized, resulting in decreased stored electromagnetic energy. These

results agree with the results from Chapter 4 of this thesis.

5.3 Reactive Impedance Surfaces with Periodic Unit Cells

The advances in material synthesis technology may allow us to control the εr and µr of

the materials in the future. If this becomes possible, these values can be adjusted for each

antenna design, such that the preferred reactive impedance surface behavior can be obtained

within the bandwidth of the antenna. Until this becomes possible, reactive impedance

behavior can be emulated using periodic surfaces.

5.3.1 Structure Description

Two surfaces with reactive surface impedance were studied in this research. The first de-

sign, labeled as Design 1, is composed of two metal layers, as shown in Figure 81a. The top

layer is comprised of metal patch islands, whereas the bottom layer is a solid metal plane.

This structure was first proposed in [74], and it was further analyzed in [76], where its ap-

plication to a microstrip patch antenna design was discussed. In [76], a high-permittivity

substrate was used to miniaturize this reactive surface. However, as discussed in the previ-

ous section, using the high-permittivity substrates results in narrow reflection phase band-

widths, limiting the application of these surfaces.

Design 2 is the well-known mushroom type electromagnetic band-gap structure, which

is similar to Design 1 with additional vias connecting the top and bottom metal layers,

as shown in Figure 81b. This structure has been analyzed in [74]. Although the vertical

via connections are essential to prevent surface wave propagation, the fabrication of this

structure is more complicated as a result.
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Figure 81. Periodic reactive impedance surfaces investigated in this research. (a) Design 1, (b) Design
2.

5.3.2 Simulating the Reflection Phase Characteristics

The reflection phase characteristics of the high impedance surface was simulated using the

unit cell model in CST MWS. The simulation model is shown in Figure 82a. As shown

in the figure, the four vertical walls of the air box are set as the unit cell boundary, which

replicates the unit cell vertically and horizontally. The top wall boundary was set as a

Floquet port, where only the first fundamental mode propagation is excited to model the

plane wave incidence. The bottom boundary was set as the PEC boundary to model the

bottom layer of the simulated unit cell. The effect of a superstrate, to model the effect of a

possible antenna substrate, was also taken into account in the simulations by including the

superstrate on the top metal layer.

The reflection phase data was calculated from the post-processing of the simulated S-

parameter data. In this setup, the phase of the simulated S11 is equal to the phase of the

reflected E-field since the phase of the incident field is set to 0 ◦. Next, the structure is

calibrated using the reflection from a PEC surface with the same incident field from the

same port location, d, as shown in Figure 82a. The reflected phase of a PEC surface can be

calculated by using Eq. (121):

Φpec = 180 ◦ − 2
d
λ

360 ◦, (121)

where d is determined from the simulation setup. Calibrating the reflected phase from the
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Figure 82. (a) Unit cell simulation setup in CST MWS used to obtain the reflection phase response of
the reactive surfaces. (b) The reflection phase response for Design 1 and Design 2 with a=b=4mm on
different substrates.

unit cell with the reflected phase of the PEC surface removes the phase difference added

while the field propagates through the air box.

5.3.3 Miniaturization of the RIS

The efficient miniaturization of the reactive impedance surfaces means achieving larger

reflection phase bandwidth with smaller unit cells printed on thin substrates. The reason

that increasing the permeability of the substrate helps to achieve this goal can be explained

by considering the equivalent unit circuit of the structure. As displayed in Figure 83, the

equivalent circuit of Design 1 is comprised of a parallel tank circuit, where the coupling

through the gap between patches is modeled as a capacitance, and the impedance of the

grounded substrate is modeled as an inductor. The unit circuit of Design 2 has additional

inductance introduced by the via connection [74]. The reflection phase bandwidth of the

parallel tank circuit can be found to be proportional to the ratio
√

L/C, where L denotes
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Figure 83. Equivalent circuit of the unit cell of Design 1.

the equivalent inductance, and C denotes the equivalent capacitance. The equivalent in-

ductance value, hence the reflection phase bandwidth, can be increased by increasing the

thickness and/or the µr of the substrate. However, increasing the thickness conflicts with

the aim of miniaturization. Thus, magneto-dielectric substrates can be used for efficient

miniaturization.

To verify this concept both designs were simulated with dimensions of a = b = 4 mm

and g=0.15 mm on both the magneto-dielectric and dielectric substrates. The material

properties of the magneto-dielectric substrate were assumed to be εr = 4.4 and µr = 3 with

a magnetic loss tangent of 0.01. The permittivity of the dielectric material was found as

εr = 11.8 with a dielectric loss tangent of 0.01 to obtain the same zero-reflection frequency

with the magneto-dielectric case. The superstrate effects of a possible antenna substrate

were also included in the simulations. The reflection phase responses obtained for these

substrates are shown in Figure 82b. As seen in the figure, miniaturizing Design 1 with the

magneto-dielectric substrate results in a larger reflection phase bandwidth compared to the

high-permittivity substrate. Moreover, Design 2 does not have any additional advantage for

this substrate since the additional inductance from the via is negligible due to thin substrate.

5.4 Microstrip Patch Antenna Design on a Miniaturized RIS

Several low-profile microstrip patch antennas were designed on the magneto-dielectric and

high-permittivity substrates with RIS and PEC ground planes. The bandwidth, peak gain
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Figure 84. Patch antenna designs on 8 × 8 and 3 × 3 RIS of unit cell in Design 1.

Table 3. Summary of the microstrip patch antenna performance on RIS and PEC ground planes.

Magneto-dielectric Dielectric

Size Bandwidth Peak Gain F/B Ratio Bandwidth Peak Gain F/B Ratio

(mm2) (%) (dB) (dB) (%) (dB) (dB)

RIS 8 × 8 9 5.6 21.4 2.34 5.08 21.3

3 × 3 2.9 2.8 6.2 1.26 0.9 3.8

PEC 8 × 8 4.4 4.9 18.6 2.17 2.5 16

3 × 3 3.1 2.3 5.5 2.15 0.8 3.3

and front-to-back ratio of these antennas were compared to study the effects of these sub-

strates. The results are summarized in Table 1 for two different sizes of RIS planes corre-

sponding to 8 × 8 and 3 × 3 unit cells to study the effect of the size of the ground plane.

The dimensions of the patch antenna optimized on the magneto-dielectric substrate

with RIS was found to be L=6 mm and W=8 mm with the probe offset xp=1.5 mm from

the center of the patch. As seen in Figure 85a and Table 5.4, the bandwidth of the antenna

is improved from 4.4% to 9% by replacing the PEC ground plane of the antenna with an

8 × 8 RIS. Similarly, by using the RIS the peak gain of the antenna at 5.6 GHz is increased

from 4.9 dB to 5.6 dB with an increased front-to-back ratio. The far field pattern of the

antenna on 33.2 mm × 33.2 mm (8 × 8) RIS and PEC ground planes is presented in Figure

86a.
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Figure 85. Comparison of simulated S11 data for the microstrip patch antennas on magneto-dielectric
and high permittivity substrates with RIS and PEC ground planes. (a) 8 × 8, (b) 3 × 3.

The same antenna was also optimized with the RIS that is miniaturized with the high-

permittivity substrate. As summarized in Table 5.4, when a high-permittivity dielectric

substrate is used, the bandwidth of the antenna is almost the same for the RIS and PEC

cases, without any improvement obtained with the RIS. However, similar to the magneto-

dielectric case, the gain of the antenna at 5.6 GHz improves from 2.5 dB to 5.1 dB with an

increased front-to-back ratio. The increase in the gain is a result of the alleviation of the

undesired coupling of the image current with the inclusion of RIS [76].

The same study with the magneto-dielectric and high-permittivity dielectric substrates

was repeated for a smaller PEC and RIS plane with a size of 12.45 mm × 12.45 mm cor-

responding to 3 × 3 RIS. As summarized in Table 5.4, it was found that the improvements

obtained for the 8×8 RIS cannot be achieved with the 3×3 RIS. Although similar bandwidth

and gain values were obtained both from the RIS and the PEC for the magneto-dielectric

substrates, the antenna response deteriorated when the PEC was replaced with the RIS on

the dielectric substrate. This is because the number of unit cells in the RIS is too small to

emulate the desired reactive impedance. Therefore, it is important to optimize the number

of the unit cells in the RIS to obtain an improvement in the antenna response.

The simulated S11 of the antennas on the 12.45 mm × 12.45 mm substrate is shown in
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Figure 86. Comparison of far field pattern for the microstrip patch antennas on magneto-dielectric
substrate with RIS and PEC ground planes. (a) 8 × 8, (b) 3 × 3.
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Figure 85b. It can be seen from the figure as well that the RIS with only three unit cells does

not improve the bandwidth of the antenna as promised even when the magneto-dielectric

substrates are used for miniaturization. The far field pattern of the antenna for the magneto-

dielectric substrate is shown in Figure 86b. Although the RIS substrate helps to improve

the peak gain slightly, the antenna pattern indicates poor radiation because of the small size

of the ground plane.

5.5 Conclusions

Reactive impedance surfaces have been proposed as an alternative to the conductor ground

plane of planar antennas. It has been shown in the literature that the interaction between

the antenna current and its image can be optimized when the surface impedance of the

substrate is a certain purely reactive value. To design the RIS for this particular value of the

impedance, the reflection phase bandwidth of the RIS should coincide with the operational

bandwidth of the antenna.

A fundamental structure with a reactive surface impedance is the conductor-backed sub-

strate. The analysis of the reflection phase characteristics of conductor-backed magneto-

dielectric substrates revealed that increasing the permeability of the substrate can help to in-

crease the reflection phase bandwidth. Therefore, it was concluded that conductor-backed

magneto-dielectric substrates are expected to provide better antenna substrates than the

conductor-backed dielectric substrates. These results support the findings of Chapter 4 of

this thesis.

Surfaces with periodic unit cells can also emulate the desired reactive impedance sur-

face characteristics. Moreover, the bandwidth of these surfaces can be tuned by changing

the dimensions of the unit-cells. Miniaturization of these reactive impedance surfaces with

the magneto-dielectric substrates have also been investigated in this chapter with their com-

parison to the high-permittivity substrates. It has been found that magneto-dielectrics can

provide wider reflection phase bandwidth while providing the same miniaturization with
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the high permittivity substrates.

The application of these miniaturized surfaces to the low-profile microstrip patch an-

tenna designs has also been included in this chapter. It has been shown that the reactive

impedance surfaces miniaturized with the magneto-dielectric materials provide better im-

provement in the bandwidth of the antenna compared to the reactive impedance surfaces

miniaturized with the high permittivity substrates. It has also been found that the gain

and the front-to-back ratio of the antennas on both type of substrates can be improved

with the inclusion of an RIS. Moreover, it has been observed that the RIS performance is

highly-dependent on the number of the unit cells; therefore, the size of the RIS should be

optimized.

Following chapters present designs for an emerging technology operating around 60

GHz. This technology is proposed for the short-range high-speed wireless communica-

tions and wireless personal area network (WPAN) applications. The high operational fre-

quency of this technology helps to overcome the problem associated with the large size of

the antenna, eliminating the need for miniaturization of the antenna and using advanced

conformal configurations for compact integration. However, the high carrier frequency is

also responsible for new design challenges regarding the antenna. Several 60 GHz antenna

designs are proposed in the forthcoming chapters to overcome these challenges.
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CHAPTER 6

CPW-FED BI-DIRECTIONAL LINEAR TAPERED SLOT
ANTENNA WITH GROUND CORRUGATIONS

The unlicensed spectrum around 60 GHz can provide miniaturized systems and high-

throughput wireless communications. The miniaturization factors that can be achieved at

60 GHz are especially attractive compared to those that can be achieved at WLAN/WiMAX

frequencies. However, in addition to the advantages regarding the size and the throughput

of the system, the high carrier frequency around 60 GHz brings several challenges such as

increased path-loss, indoor material attenuation, and multipath interference due to the re-

flections from small objects. This brings importance on the antenna selection for the short-

range wireless communications at 60 GHz. Although the characterization of the channel

for the short-range communications has not been fully achieved, preliminary results show

that directional antennas are advantageous to reduce the multipath contributions [80].

Even though increasing the directivity of the antenna in a certain direction improves the

quality of the communication, doing so also limits the high-quality communication to the

line-of-sight of this particular beam. This may not be preferable when the optimum oper-

ation of a mobile device is concerned since limiting the radiation to a single direction will

require the user to orient the device in a certain way to achieve successful wireless com-

munication. In such a scenario, pattern-reconfigurable antennas can provide the optimized

coverage since the radiation can be aimed at the desired direction, always maximizing

the quality of the wireless communication. However, achieving pattern-reconfigurability

requires using smart antenna systems that include a large number of antennas and compli-

cated control circuitry [10], making these antenna systems expensive and large in size to

be implemented in mobile devices. The ultimate desired solution to meet the need for the

adaptive antenna pattern would be to achieve pattern-reconfigurability with a single antenna

element. However, this is a difficult design problem that has not been fully implemented
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Figure 87. Comparison of single-beam antenna with dual-beam antenna.

even for the applications in the microwave band. Moreover, high-quality, low-loss, com-

pact RF switches are needed to configure such an antenna; whereas, the switches available

in the market today for millimeter wave applications are expensive and lossy.

Therefore, multi-beam antennas that can radiate and receive signals in multiple di-

rections at the same time are proposed in this dissertation as an alternative to pattern-

reconfigurable antennas. In this chapter, a coplanar waveguide (CPW-) fed bi-directional

linear tapered slot antenna (LTSA) is presented. The proposed antenna has a radiation

pattern with two symmetric beams, created by splitting the radiated power equally in two

directions. As shown in Figure 87, the bi-directional LTSA antenna is more suitable for

mobile devices than the conventional single-beam LTSA since two directions are covered

at the same time. The bi-directional antenna presented in this chapter can also be an ini-

tial design step for a more advanced pattern-reconfigurable antenna, where the radiation is

switched among multiple beams using switches.

The rest of this chapter is organized as follows: Section 6.1 reviews the previous

work on tapered slot antennas, followed by the explanation of the proposed CPW-fed bi-

directional LTSA in Section 6.2. Next, the simulation based design process is presented
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in Section 6.3 with a detailed analysis of the effects of main design variables. The fabri-

cation of the optimized designs is discussed in Section 6.4, while the model-to-hardware

correlation is presented in Section 6.5. Measurement and simulation results obtained from

two different measurement setups, a probe-based setup and a connector-based setup, are

presented in this section. Finally, the chapter is summarized in Section 6.6.

6.1 Review of the Tapered Slot Antennas

A tapered slot antenna (TSA) was proposed by both Gibson [81], and Prasad and Mahap-

atra [82] in the same conference in 1979. As the name implies, a typical TSA includes a

tapered slot that is etched on the ground plane such that the wider part of the slot is termi-

nated at the edge of the ground plane, as shown in Figure 88. The tapered slot structure

supports a surface wave that propagates until the end of the structure and radiates at the

termination [65]. This makes the TSA an end-fire radiator with moderately high gain and

narrow beamwidth.

The TSA has been preferred for many applications since it can be fabricated with easy,

low-cost processes using photolithographic or screen-printing techniques. It can also be

integrated with a simple feed transition. Moreover, end-fire radiation pattern of the TSA

combined with these advantages make it an excellent choice to achieve the direct integra-

tion of the antenna on the same substrate with the other active and passive circuitries, as

presented in Figure 88. This is possible because the antenna radiates away from the sub-

strate and the circuitry, preventing the undesired mutual coupling and eliminating the need

for a large clearance area.

However, the larger size of the TSA compared to that of the patch antenna makes it

harder to realize this simple configuration for wireless applications centered at the lower

GHz band. Therefore, TSAs have found a wider area of acceptance at millimeter wave

frequencies. Moreover, TSAs are less sensitive to the manufacturing tolerances at the mil-

limeter wave frequencies compared to the patch antennas, which is another reason why
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Figure 88. Proposed integration using the LTSA antenna on the same substrate with the rest of the
active or passive circuitries.

TSAs are particularly well-suited for millimeter wave applications [83], [84], [85].

TSAs have been explored with different taper shapes, such as the Vivaldi antenna (ex-

ponential taper), the linear taper slot antenna, and the constant-width slot antenna. The

common method to feed a TSA is to use a microstrip line (ML) to slotline (SL) transition

realized by simply passing an orthogonal ML under the SL that feeds the tapered part [65].

As an alternative feed method, a CPW to SL transition was proposed in [86]. Although this

feed method makes the antenna an easy-to-fabricate/integrate, single metal layer structure,

the LTSA presented in [86] is still excited with a SL leading to a single-beam directive

pattern.

The LTSA proposed in this dissertation is fed directly with a CPW line, eliminating the

transition to the conventional slotline excitation. Additionally, the even mode excitation

obtained with the CPW line was further exploited to transform the radiation pattern of the

antenna from a single-beam pattern to a dual-beam pattern. The novelty of the proposed

LTSA is this dual-beam pattern since the LTSAs proposed in the literature so far have been

single-beam directive antennas. The details of the proposed LTSA and the design process

are presented in the following sections of this chapter.
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Figure 89. Evolution of the proposed CPW-fed bi-directional LTSA from a conventional LTSA struc-
ture. (a) Conventional ML-to-SL-fed LTSA. (b) Proposed CPW-fed bi-directional LTSA without
ground corrugations. (c) Proposed CPW-fed bi-directional LTSA with ground corrugations.

6.2 CPW-fed Bi-directional Linear Tapered Slot Antenna

A linear tapered slot antenna has been used to prove the proposed concept since the accurate

simulation of the LTSA requires shorter time and less memory compared to that of the slot

antennas with curved tapers. However, the proposed idea to create dual-beam radiation

pattern can be easily applied to a TSA with a curved taper.

The evolution of the proposed antenna from the well-known LTSA structure is shown

in Figure 89. As seen in Figure 89b, the conventional SL-fed LTSA is first converted

to a CPW-fed LTSA, where the main beam is split into two symmetric beams simply by

extending the signal line and dividing the radiated power equally between the slots. Figure

90 displays the magnitude plots of the simulated peak Poynting vector at 60 GHz obtained

for the conventional ML-to-SL-fed LTSA and the proposed CPW-fed bi-directional LTSA.

The comparison of the plots clearly shows how the power flow is divided into two paths by

simply extending the signal line of the CPW line in the proposed design.
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Figure 90. Comparison of the magnitude plots of the total peak Poynting vector at 60 GHz. (a) Common
LTSA fed with an ML-to-SL transition (b) Proposed CPW-fed bi-directional LTSA.

As seen in Figure 89a and b, the radiation patterns of the LTSAs are distorted with back

lobes and side lobes due to the high-order surface wave propagation. Surface waves can be

defined as the field propagation along the boundary of the conductor-backed substrate and

the air medium. Surface waves are guided along the substrate and diffracted from the edges

giving rise to a deterioration in the far field pattern of the antenna. It has been reported in

[86] that the substrate thickness and dielectric constant should satisfy the following con-

straint to prevent the deterioration in the radiation pattern due to the high-order substrate

modes:

0.005λo < to

√
εr − 1 < 0.03λo (122)

The antennas presented in Figure 89 were designed as single metal layer structures

backed with an 8 mil thick liquid crystalline polymer (LCP) substrate to assure sturdy

prototype fabrication. LCP is an organic, laminate-type packaging material that has been

proven to have desired electrical and mechanical characteristics from DC to millimeter

wave frequencies. The dielectric constant and the loss tangent of LCP at 60 GHz have been

characterized as 3.15 and 0.004, respectively [20]. Substituting the permittivity of the LCP
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at 60 GHz into Eq. (122) yields the thickness of the substrate to be

17µm < to < 102µm. (123)

Although the LCP is available in 25 µm, 50 µm and 100 µm thick layers, these values

are impractical as far as the sturdiness and the measurement of the prototypes are con-

cerned. The LCP provides a flexible substrate with these thickness values which makes it

difficult to mount the edge connector on the substrate. Therefore, instead of using a thinner

substrate, an adjustment should be made in the design to prevent the effects of surface wave

propagation.

Several solutions have been proposed in the literature to alleviate this problem. Popular

methods aim to decrease the effective dielectric constant of the substrate by incorporating

cavities in the substrate with the partial removal of the substrate [87], by integrating pho-

tonic band gap structures into the substrate [88], and by using air cavity backing substrates

[89]. A more straightforward, easy-to-implement approach was proposed in [90] for mi-

crostrip antennas, where the finite ground plane of a microstrip patch antenna was designed

using edge serragations to eliminate the radiation of the surface waves from the edges. A

version of this approach was implemented in [86] to a W-band LTSA antenna by using

rectangular slits to create corrugations along the edges of the ground plane. Improved side

lobe level (SLL) and front-to-back (F/B) ratio of the LTSA antenna was reported in this

paper.

As shown in Figure 89c, the rectangular corrugations were also applied to the edges of

the proposed CPW-fed antenna. The improvement in the radiation pattern of the antenna

can be clearly seen by comparing the far field patterns of the design with the corrugations

in Figure 89c and without the corrugations in Figure 89b.

The details of the design process are discussed in the following sections.
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Figure 91. Details of the LTSA designed for the two measurement scenarios. (a) Design for the probe-
based setup. (b) Design for the GPPO-connector based setup.

6.3 Simulation Based Design

The proposed CPW-fed bi-directional LTSA antenna was designed according to two mea-

surement scenarios: one depending on using the probe-based setup and the other one

based on using the edge-mount GPPO connectors, particularly B010-L13-01 from Corning

Gilbert [91]. The LTSA designed for the probe-based measurement setup was optimized to

use the GBB Probe Industry’s Model 67A GSG 250 air coplanar waveguide probes [92].

The structure designed for the probe-based measurement setup is shown in Figure 91a. A

tapered CPW line transition was included to improve the matching of the antenna.

The LTSA to be measured with the GPPO connector was designed with the connector

model included in the simulations, as shown in Figure 91b. During the design process,

the dimensions of the feeding CPW line were adjusted to ensure the proper fitting of the

connector. The connector model used in the simulations was implemented according to the

dimensions given in the datasheet [91]. It was modeled as a 50Ω coaxial line with a teflon
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substrate and a gold metal body.

Several design variables were studied to find their effects on the matching and the direc-

tivity of the proposed antenna. These main variables were found to be the taper width W1,

the length of the extended signal line L3, the taper length L2, the length of the corrugated

portion of the edge of the ground plane L4, the width of the corrugations W3, and the gap

between the corrugations g, as shown in Figure 91a. The same variables except L2 were

used to optimize the LTSA designed for the connector-based measurement setup. Instead

of L2, the gap between the signal and the ground planes of the CPW line was used as an

additional variable to match the antenna. For both the probe-based and the connector-based

LTSA designs, the width, W, and the length of the substrate, L, were kept constant at 6 mm

and 10 mm, respectively.

A series of parametric sweeps was performed to analyze the effect of each design vari-

able on S11 and the far field characteristics of the proposed LTSA. The directivity patterns

of the antennas were compared instead of the gain patterns to eliminate the effect of the

impedance matching on the far field characteristics of the antenna. The following sections

summarize the results and the guidelines obtained from this study.

6.3.1 Taper width, W1

Figure 92 shows the effect of the taper width, W1, on the matching of the antenna. As seen

in the figure, the matching of the antenna improves as the taper width is increased. This

can be explained with the increase in the characteristic impedance of the SL that guides the

surface waves to the edge of the substrate. Increased impedance matches better with the

377Ω free space wave impedance.

Similarly, increasing the taper width improves the directivity of the antenna, as pre-

sented in Figure 93. The radiation efficiency of the antenna also improves from 83% to 90%

as W1 is increased from W1 = 1500 µm to W1 = 2500 µm. The improvement in the radi-

ation characteristics can also be explained with the better match in the wave impedances.
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Figure 92. Simulated S11 data for different values of W1.

Figure 93. Simulated total directivity pattern for different values of W1. (a) E-plane (θ = 90◦), (b)
H-plane (φ = 90◦).
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Figure 94. Simulated results for different values of L3. (a) Directivity patterns on the E-plane (θ = 90◦)
and the H-plane (φ = 90◦), (b) S11.

6.3.2 The length of the extended signal line, L3

The simulation results obtained by altering the extended signal line length are shown in

Figure 94. As seen in the figure, the peak directivity of the antenna is not affected consid-

erably when changing L3; however, the back-radiation toward the feed line increases as the

signal line is extended longer. Similar to the peak directivity of the antenna the radiation

efficiency of the antenna is not affected, and it is approximately 90% for all the simulated

values of L3.

The main design parameter that L3 affects is the resonance frequency of the antenna,

as shown in Figure 94b. As expected, increasing L3 decreases the resonance frequency of

the antenna. It was also found from simulations that the matching level can be improved

further by using a round termination at the open end of the extended signal line instead of

the straight termination shown in Figure 91a.

6.3.3 Taper length, L2

It was mentioned earlier for the W1 sweep that the matching and the directivity of the

antenna improve as the impedance of the CPW feed is increased to match the free space

wave impedance. Therefore, to increase the impedance of the CPW line the gap between

the ground planes and the signal line was widened gradually using a linear-tapered CPW
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Figure 95. Simulated results for different values of L2. (a) Directivity patterns on the E-plane (θ = 90◦)
and the H-plane (φ = 90◦), (b) S11.

line section, as shown in Figure 91a. The length of this transition is labeled as L2 in Figure

91a.

Figure 95 displays the effects of altering the length of this tapered section on the radia-

tion pattern and the matching of the antenna. As seen from the figure, the radiation pattern

of the antenna is insensitive to the changes in the taper length; whereas, the matching of the

antenna is affected considerably. Similar to the peak directivity, the radiation efficiency of

the antenna was found to be insensitive to the changes in L2; however, the total efficiency

of the antenna changes since it includes the effect of the matching as well. The optimized

taper length was found to be L2 = 1950 µm.

6.3.4 Distance between the grounds, W4

One of the main parameters to determine the characteristic impedance of the CPW line is

the distance between the grounds. Therefore, W4 affects both the matching and the peak

directivity of the antenna. The simulation results obtained by altering W4 are shown in

Figure 96. As seen in the S11 graph, both the matching level and the resonance frequency

of the antenna changes such that the resonance frequency of the antenna increases, as W4

is increased. The peak directivity of the antenna also slightly increases with an increased

147



Figure 96. Simulated results for different values of W4. (a) Directivity patterns on the E-plane (θ = 90◦)
and the H-plane (φ = 90◦), (b) S11.

back-radiation towards the feed line, when W4 is increased. The radiation efficiency of the

antenna is not affected, and it is approximately 90% for all the simulated values of W4.

6.3.5 The width of the corrugations, W3

The edges of the ground plane were corrugated to eliminate the deterioration of the radi-

ation pattern due to the high-order surface wave propagation. There are three parameters

associated with these corrugations: the width of the corrugations W3, the gap between the

corrugations g, and the length of the corrugated part L4. These parameters are used to

optimize the effects of the corrugations mainly on the radiation characteristics.

Figure 97 shows the effect of the width of the corrugations on the directivity of the an-

tenna on both the E-plane (θ = 90◦) and the H-plane (φ = 90◦). As seen in the figure, the far

field pattern of the LTSA is highly dependent on the width of the corrugations. It is clearly

seen from the E-field plots that, increasing W3 eliminates the side-lobes directed towards

the feed line of the antenna. The minimum value of W3 for successful elimination of the

surface wave radiation was found to be 600 µm. However, the pattern can be improved

further with wider slits, especially on the H-plane, as seen in Figure 97b. The effect of W3

on the radiation efficiency was also studied, and the radiation efficiency was found to be
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Figure 97. Simulated total directivity pattern for different values of W3. (a) E-plane (θ = 90◦), (b)
H-plane (φ = 90◦).

approximately 90% for all simulated values of W3.

The S11 of the antenna was found to be insensitive to the changes in W3 since LTSA is

a traveling wave antenna, and the corrugations do not affect the forward propagating wave

in the tapered slot considerably.

6.3.6 The gap between the corrugations, g

Another parameter associated with the edge corrugations is the gap between the consecutive

corrugations, labeled as g, in Figure 91a. Figure 98 shows the effect of altering the gap

on the far field pattern of the antenna. The change in the pattern for the values below

500 µm (λ0/10) was found to be negligible; therefore, these values are not presented in

the figure. As seen in the figure, the peak directivity is almost insensitive to the changes

in the gap as long as g is smaller than ∼ 1300 µm (λ0/4); however, it is recommended

to increase the density of the corrugations to decrease the side-lobe-level (SLL) on the

E-plane. Decreasing the gap also helps to improve the pattern on the H-plane since the

beams start merging each other as the gap between the corrugations is increased. Similar

to the width of the corrugations, altering the gap value has negligible effect on the S11 of

the antenna.
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Figure 98. Simulated total directivity pattern for different values of g. (a) E-plane (θ = 90◦), (b) H-plane
(φ = 90◦)

6.3.7 The length of the corrugated part of the edge, L4

Figure 99 shows the effect of the length of the corrugated region L4, on the radiation pattern.

As seen in the figure, radiation pattern improves with a decreased SLL and increased front-

to-back (F/B) ratio as the number of corrugations increases, i.e., L4 increases. Comparing

the patterns for different values reveals that a minimum value for L4 to obtain acceptable

SLL and F/B is L4 = 6000 µm. However, corrugating the edge completely improves the

pattern further.

Figure 100 shows the effect of L4 on the S11 of the antenna. As the edge started to be

corrugated, the matching and the bandwidth of the antenna deteriorates compared to the

case with no ground corrugations. This is because the corrugations are close to the edge

of the open-end of the radiating taper, changing the current distribution. S11 becomes in-

sensitive to the changes in the length of the corrugated part after L4 ≥ 4000 µm. Matching

of the antenna can be improved by optimizing the taper length L2 and/or terminating the

open-end of the extended signal line with a circular shape; however, the bandwidth of the

antenna does not improve with these adjustments. The bandwidth can be improved using a

curved taper such as the exponential taper in a Vivaldi antenna.
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Figure 99. Simulated total directivity pattern for different values of L4. (a) E-plane (θ = 90◦), (b)
H-plane (φ = 90◦)

Figure 100. Simulated S11 data for different values of L4.
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Table 4. Summary of the design variables for the CPW-fed bi-directional LTSA.

W1 L3 L2 W4 W3 g L4

S11 X X X X × × X

Directivity X × × X X X X

6.3.8 Summary of design guidelines

The variables studied can be grouped into two categories according to the design parameter

they affect. The effects of the design variables are summarized in Table 4. It was found that

the width of the termination of the taper W1, the length of the extended signal line L3, the

length of transition taper L2 and the width of the CPW line W4 are the main parameters

that affect the S11 and the impedance matching of the antenna.

The variables determining the dimensions of the corrugations along the edges of the

ground planes are the main parameters that affect the far field pattern. These variables

are the width of the slits W3 and the gap between the corrugations g. The length of the

corrugated portion of the edge of the ground plane L4 also mainly affects the far field

pattern of the antenna. However, when the corrugated portion is small and close to the

open-end of the taper, L4 also affects the S11 of the antenna. Similarly, W1 and W4 affect

the peak directivity and the far field pattern of the antenna in addition to S11 of the antenna.

This is because these parameters determine the characteristic impedance of the CPW line

and the tapered slot and; hence, the matching with the free-space wave impedance.

When designing the proposed CPW-fed bi-directional LTSA, it is recommended to first

tune the S11 of the antenna to the desired frequency band using the corresponding variables

shown in Table 4 along with the length of the radiating taper. Next, the ground corrugations

can be added and their dimensions can be tuned to optimize the far field pattern of the

antenna. The width and gap of the feeding CPW lines can be used to match the antenna.
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Figure 101. Photos of the fabricated LTSA antennas compared with 10 cents.

6.4 Fabrication

Using the results of the parametric sweeps summarized in the previous section, two types of

CPW-fed bi-directional LTSAs were designed. As shown in Figure 91, one of the antennas

was designed for the probe-based measurement setup, and the other one was designed

based on the connector based measurement setup. Since the proposed designs are single

metal layer structures without any via connections, the fabrication process was easy, and

the antennas were patterned using conventional lithography and etching processes. The

fabrication steps can be summarized as follows:

First, a 200 nm Ti and 2 µm Cu layers were deposited on an 8 mil thick bare LCP

substrate with a CVC DC sputterer. Then, a Shipley S1828 photoresist was deposited and

patterned using a Karl Suss MA-6 mask aligner. Next, the Cu layer was etched with FeCl,

and the Ti layer was etched with an HF-based solution to pattern the antennas. Finally, the

photoresist was removed using an acetone solution.

The photos of the fabricated designs are shown in Figure 101, compared with a dime.

There were two different CPW-fed bi-directional LTSA designs optimized for the GPPO-

based measurement setup. The antennas were fabricated along with the miniaturized H-

shaped antennas explained in Chapter 7. The size of the board shown in Figure 101 is

7.5 cm × 5.5 cm.
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6.5 Simulation and Measurement Results

The antennas were singulated by cutting the board with scissors. Probe-based and connector-

based measurements were performed using an Agilent PNA E8361C. The Short Open Load

(SOL) calibration was used for both measurement setups.

6.5.1 Probe-based Measurement Setup

Figure 102 shows the setup used for the probe-based measurements. As seen in the photos,

the antenna to be measured was placed on a foam substrate since the proposed LTSAs

radiate in both the azimuth and elevation planes. Two different foam thicknesses were

used and, as expected, thicker foam was found to give better results. The measured S11 is

shown in Figure 103 along with the simulated data. As seen in the figure, the measured

and simulated results are almost on top of each other. The measured 10 dB bandwidth of

the antenna was found to be from 58.8 GHz to 62.3 GHz. Although, the internationally

available 7 GHz wide spectrum cannot be covered with this antenna, the bandwidth can be

improved using a curved taper instead of the linear taper [93].

Figure 104a shows the simulated 3D gain patterns of the CPW-fed bi-directional LTSA

at 61 GHz. The two beams created with the extension of the signal line can be clearly

seen in the front view of the antenna. The simulated directivity patterns of the probe-based

antenna at different frequencies are shown in Figure 105. As seen in the figure, the antenna

pattern is stable over the frequency band. Table 6.5.1 summarizes the simulated radiation

parameters. The average peak directivity of the antenna is 6.5 dBi over the spectrum from

57 GHz to 64 GHz. The simulated radiation efficiency was found to be around 90% in the

whole band. As expected, total efficiency, which includes the effect of the matching of the

antenna in addition to the radiation efficiency, is lower for the frequencies outside the 10 dB

bandwidth of the antenna. However, within the band the antenna is matched, the average

efficiency is 85% with an average peak gain of 5.7 dB. It should be noted that the gain of

the antenna can be increased easily by using multiple antennas in an array configuration.
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Figure 102. Photos of the probe-based measurement setup.

Figure 103. Simulated and measured S11 data of the CPW-fed bi-directional LTSA designed for the
probe-based measurement setup.
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Figure 104. Simulated 3D gain patterns of the CPW-fed bi-directional LTSA at 61 GHz. (a) Probe-fed
antenna, (b) GPPO-fed antenna.

Table 5. Summary of the simulated radiation parameters for the probe-fed bi-directional LTSA.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 6.42 dBi -0.49 dB (89%) -2.31 dB (59%) 4.12 dB

58 GHz 6.38 dBi -0.46 dB (90%) -1.6 dB (69%) 4.8 dB

59 GHz 6.53 dBi -0.47 dB (90%) -1 dB (80%) 5.53 dB

60 GHz 6.5 dBi -0.48 dB (89%) -0.6 dB (87%) 5.9 dB

61 GHz 6.58 dBi -0.48 dB (89%) -0.5 dB (89%) 6.08 dB

62 GHz 6.5 dBi -0.48 dB (89%) -0.72 dB (85%) 5.92 dB

63 GHz 6.72 dBi -0.47 dB (90%) -1.17 dB (76%) 5.55 dB

64 GHz 6.79 dBi -0.45 dB (90%) -1. 71 dB (67%) 5.08 dB
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Figure 105. Simulated far field patterns of the CPW-fed bi-directional LTSA for different frequencies.
(a)φ = 90◦, (b) θ = 0◦.

Figure 106. Photo of the singulated CPW-fed LTSAs with the GPPO connectors.

6.5.2 Connector-based Measurement Setup

The antennas were also measured with edge-mount millimeter wave connectors, called

GPPO connectors [91]. The photos of the antennas fabricated for the connector-based

measurement setup are shown in Figures 101 and 106. The GPPO connectors were soldered

onto the CPW line feeding the antenna using copper flux. The connectors were soldered

only on the ground pads, while the signal pin was left unsoldered to prevent the parasitics

due to the solder.

Figure 107 shows the simulated and measured S11 of the LTSA designed for the connector-

based measurement setup. As seen in the figure, the results do not agree as well as the
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Figure 107. Simulated and measured S11 data of the CPW-fed bi-directional LTSA designed for the
GPPO-based measurement setup.

results obtained with the probe measurements. In the figure, the measured S11 of the air-

loaded cable, i.e. when the cable is not terminated with any structure, is also included. It

can be seen from the S11 of the cable that even after the SOL calibration there is a resonance

around 55 GHz due to the parasitics of the cable. This resonance is also observed in the

antenna S11 as an extra resonance. It was also found through simulations that the connector

should be flushed to the side of the substrate without any gap and also the signal pin should

be touching the signal line to ensure proper connection. Given the tiny size of the con-

nectors, the proper mounting of the connector is difficult to achieve and the disagreement

between the measured and simulated results can be attributed to the aforementioned prob-

lems. Moreover, an adapter is used to connect the GPPO connectors to the PNA cables.

Since the adapter cannot be calibrated out, the measurement data includes the effect of the

adapter as well, which might be another reason for the disagreement between the measured

and simulated results.

The far-field pattern of the proposed LTSA was also measured using the GPPO-based

design. Although probe-based measurement setup is more suitable for S11 measurements,

designs with the GPPO connectors were used to measure the far-field pattern of the antenna
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since the proposed LTSA radiates mainly in the azimuth plane. As seen from the S11 graph

in Figure 107, the antenna with the GPPO connector was well-matched to 50 Ohms in a

narrow frequency band from 60 GHz to 62 GHz. Therefore, the far-field pattern of the

antenna was measured in this frequency band with a simple measurement setup.

Figure 108 shows the setup used to measure the far-field pattern. As seen in the figure,

the radiation pattern of the antenna was measured in a room, which is a measurement lab,

without any absorbers surrounding the antenna. The setup includes a two-port PNA, a V-

band horn antenna, a rotating disk at which the horn antenna is attached. As shown in

Figure 108, the antenna was connected to Port2 of the PNA while the transmitting horn

antenna was connected to Port1. The LTSA was fixed on a stack of foam substrates such

that the pattern on the E-plane of the antenna (theta = 90◦ plane) can be measured using

the horn antenna. The horn antenna was fixed on a disk which was rotated manually as

shown in Figure 108. The radiation pattern of the antenna was plotted by measuring the

S21 of the system for every 10◦ shift on the E-plane. The angle values were approximated

using the holes on the rotating disk.

The measured S21 values were plotted on a polar plot and normalized with the maximum

measured S21 value. Figure 109 shows the simulated and measured far-field patterns of the

GPPO-based antenna. As seen in the figure, the measured pattern shows good correlation

with the simulated pattern and both patterns have two beams with the null at φ = 90◦. It

should be noted that the setup was not yet optimized for gain measurements; therefore,

only the radiation patterns of the fabricated and simulated antennas were compared.

The simulated 3D gain pattern of the antenna with the GPPO connector at 61 GHz is

also shown in Figure 104b. Comparing the pattern with the pattern of the probe-based an-

tenna in Figure 104a reveals that there is a slight distortion in the far field of the antenna

and also a stronger back-radiation towards the feed of the antenna. Figure 110 shows the

directivity patterns of the antenna at different frequencies. As seen in the figure, although
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Figure 108. Photos of the far field measurement setup using the designs with the GPPO connectors.
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Figure 109. Comparison of the simulated and measured far-field pattern of the GPPO-based antenna.

the dual-beam pattern is preserved through the whole band, the pattern is frequency depen-

dent and not as clean as the pattern of the antenna designed for the probe-based setup. This

shows that the connector interferes with the radiated fields of the antenna.

The simulated radiation parameters are summarized in Table 6.5.2. Comparing the pa-

rameters in Table 6.5.2 with Table 6.5.1 reveals that the LTSA optimized for the connector-

based setup has slightly higher gain and efficiency values, which may be attributed to the

effect of the connector.

6.6 Conclusions

Due to the increased path loss, directive antennas are required for the 60 GHz applica-

tions in contrast to the omni-directional antennas required for wireless mobile applications

centered in the microwave band. However, when a single-beam directive antenna is used,

the wireless communication is limited to a single direction. Therefore, antennas cover-

ing multiple directions simultaneously can be more advantageous, especially for mobile
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Figure 110. Simulated far field patterns of the CPW-fed bi-directional LTSA designed for the GPPO-
based measurement setup. (a)φ = 90◦, (b) θ = 0◦.

Table 6. Summary of the simulated radiation parameters for the GPPO-fed bi-directional LTSA.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 7.77 dBi -0.19 dB (96%) -0.97 dB (80%) 6.8 dB

58 GHz 7.66 dBi -0.21 dB (95%) -0.61 dB (87%) 7.1 dB

59 GHz 7.62 dBi -0.21 dB (95%) -0.34 dB (93%) 7.4 dB

60 GHz 7.98 dBi -0.19 dB (96%) -0.21 dB (95%) 7.8 dB

61 GHz 8 dBi -0.19 dB (96%) -0.26 dB (94%) 7.7 dB

62 GHz 8.1 dBi -0.18 dB (96%) -0.41 dB (91%) 7.7 dB

63 GHz 8.1 dBi -0.18 dB (96%) -0.56 dB (88%) 7.5 dB

64 GHz 8 dBi -0.17 dB (96%) -0.7 dB (85%) 7.3 dB

162



applications.

A novel CPW-fed LTSA has been presented in this chapter. The novelty of the design

comes from the fact that the single-beam radiation pattern of the conventional LTSA is

transformed to a dual-beam radiation pattern. This is achieved by dividing the radiated

power into two directions by simply extending the signal line of the feeding CPW line.

Moreover, by feeding the antenna with a CPW line the antenna is transformed into a single-

metal layer device, making the fabrication easy and low-cost. The details of the design

process have been presented in this chapter along with the detailed effects of the design

variables on the matching and the radiation pattern of the antenna.

The deterioration in the radiation pattern because of the diffracted the higher-order sur-

face waves has been eliminated by incorporating corrugations along the sides of the ground

plane. The side-lobes in the radiation pattern were mostly suppressed this way.

One disadvantage of directing the radiated power into two directions compared to the

single-beam radiation of the conventional LTSA is a decrease in the peak gain of the an-

tenna by ∼ 3 dB. Approximately 6.5 dB gain of the proposed antenna may be enough for

most short-range communications; however, if higher gain values are needed, the proposed

antenna can easily be used in an array configuration to improve the gain of the antenna.

The proposed antenna structure has been designed to be measured with a probe-based

and a connector-based setup to compare the results obtained from these setups. It was

found that the probe-based measurement setup is more suitable for S11 measurements since

using GPPO connectors require using adapters, whose effect cannot be removed with SOL

calibration. Moreover, the SOL calibration was found to be ineffective to eliminate the

effects of the cable when the connector-based setup is used. A de-embedding method may

be required to de-embed the effect of the connectors and the cable, which was not covered

in this chapter.
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Although probe-based measurement setup is more suitable for S11 measurements, de-

signs with the GPPO connectors were required to measure the far-field pattern of the an-

tenna. Since the proposed LTSA radiates mainly in the azimuth plane, probe-based setup

is not suitable for far-field pattern measurements. It was observed from GPPO-based S11

measurements that the antenna was well-matched to 50 Ohms in a narrow frequency band

from 60 GHz to 62 GHz. Therefore, the far-field pattern of the antenna was measured in

this frequency band with a simple measurement setup. Good correlation was observed with

the simulated pattern. The bi-directional nature of the pattern was measured clearly with

the null separating the symmetric beams.
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CHAPTER 7

MINIATURIZED CPW-FED H-SHAPED SLOT ANTENNA WITH
CORRUGATIONS

Wireless personal area (WPAN) applications proposed for the internationally available un-

licensed spectrum around 60 GHz promise miniaturized, high-throughput wireless systems.

The miniaturization factors achieved along with the high operation frequency prevent an-

tenna miniaturization from being an issue, which can lead to fully-integrated systems with

efficiently integrated antennas. However, the constraints on antenna design become compli-

cated since the high carrier frequency also brings increased path-loss, material attenuation,

and multipath interference due to reflections from small objects.

Several antenna types have been explored and proposed in the literature for 60 GHz

WPAN applications. Dipole antennas and patch antennas are two popular categories in-

vestigated for this band. Microstrip patch antennas have been shown to provide highly-

directive gain values; however, their limited bandwidth makes it difficult to cover the entire

7 GHz spectrum. As proposed in Chapter 8, stacked patch antenna configurations can be

used to overcome the narrow bandwidth problem; nevertheless, stacked patch designs re-

quire multilayer substrates and a complex design process. On the other hand, dipole anten-

nas have been demonstrated to provide efficient wide-bandwidth operation [94]. However,

baluns are required to measure the dipoles with single-ended transmission lines, which

makes the design process complicated.

Slot antennas can be used to overcome these limitations [65]. Slot antennas are low-

profile, easy-to-fabricate antennas that can be fed with microstrip (ML) to slotline (SL)

transitions or directly with coplanar waveguide (CPW) lines. They are also highly-tolerant

to fabrication variances, which makes them especially suitable for the millimeter wave

applications. Furthermore, slot antennas can provide wide bandwidth and directional radi-

ation patterns.

165



As explained in Chapter 6, a directional radiation pattern is advantageous at 60 GHz

to reduce the multipath contributions [80]. Increasing the directivity of the antenna in

a certain direction improves the quality of the communication at the expense of limiting

the high-quality communication in other directions from this particular beam. Although

smart antenna systems can orient the beam of the antenna to always maximize the quality

of wireless communication, these antenna solutions are expensive and large in size to be

implemented in mobile devices [10]. A more elegant solution to meet the need for adap-

tive antenna systems would be to achieve pattern-reconfigurability with a single antenna

element. However, this is a difficult design problem that requires high-quality, low-cost,

compact RF switches to configure such an antenna. Multi-beam antennas that can radiate

and receive signals in multiple directions at the same time are proposed in this dissertation

as an alternative to pattern-reconfigurable antennas.

In Chapter 6 of this dissertation, a CPW-fed bi-directional linear tapered antenna has

been presented as one of the multi-beam antennas proposed for 60 GHz WPAN applica-

tions. In this chapter, a multi-beam CPW-fed H-shaped slot antenna is proposed. First, a

review of the previous work on slot antennas is presented in Section 7.1. Next, the details

of the proposed H-shaped slot antenna and the methods to miniaturize the antenna are dis-

cussed in Section 7.2. Then, methods to eliminate the effect of the surface wave propagation

are presented in Section 7.3. The design process of the proposed miniaturized H-shaped

slot antenna is explained in Section 7.4, followed by the fabrication process summarized in

Section 7.5. Section 7.6 presents the simulation and measurement results obtained by using

probe-based and connector-based measurement setups. Finally, the chapter is summarized

in Section 7.7.
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Figure 111. CPW-fed slot antennas. (a) Center-fed slot antenna, (b) Offset-fed slot antenna, (c)
Capacitively-coupled slot antenna, and (d) Inductively-coupled slot antenna. Figure is reproduced
from Figure 7.14 of [65].

7.1 Review of Slot Antennas

Slot antennas can be of traveling-wave-type or resonating-type [65]. An example of the

traveling-type slot antennas is analyzed in Chapter 6 of this thesis. Although the traveling-

type slot antennas can provide wide-bandwidth coverage and directive radiation patterns

with high-efficiency, they usually have a larger size compared to the resonating-type slot

antennas. Figure 111 shows some examples of the CPW-fed resonating-type slot antennas.

As seen in the figure, resonating-type slot antennas are composed of closed slots etched on

the ground plane. In a CPW-fed slot antenna, the electric fields in the CPW apertures excite

the respective slots of the antenna by creating horizontal magnetic currents. A microstrip

line printed on the back of the substrate can also be used to excite the slot antenna etched

on the ground plane [65]; however, CPW-feed is more preferable since the antenna can be

designed as a single metal layer structure.

Most papers published in the literature on resonating slot antennas have focused on ultra

wide band (UWB) and wireless personal area (WLAN) applications because of the wide

167



band operation of slot antennas [95], [96]. Moreover, since the shape of the radiating slot

is one of the main design variables to determine the radiation and matching characteristics

of the slot antenna, several slot shapes have been explored in the literature, e.g. bow-tie,

annular, and fractal, etc. [97], [98], [99], [100], and [101]. In addition to UWB and WLAN

applications, a CPW-fed shorted slot antenna tuned with inductive matching elements was

reported in [102] for the 60 GHz WPAN applications.

Even though slot antennas have been extensively studied in the literature and applied for

several wireless technologies, the antennas proposed so far have been designed either with

uni-directional or bi-directional radiation patterns. In this chapter, a multi-beam H-shaped

slot antenna is proposed along with a miniaturization technique that can be applied to other

slot shapes as well. The details of the antenna are explained in the following sections.

7.2 Miniaturized H-shaped Slot Antenna

The proposed H-shaped slot antenna was created by connecting two back-to-back CPW-fed

shorted slot antennas and feeding them in the middle, as presented in Figure 112. Connect-

ing two shorted slot antennas in this way transforms the bi-directional radiation pattern of

the slot antenna into a multi-lobe bi-directional radiation pattern, as shown in Figure 113.

H-shaped slot antennas have been reported before in [100], and [101]; however, these an-

tennas were designed with bi-directional [101] and uni-directional [100] radiation patterns

without having multi-lobe characteristics. As mentioned before, multi-lobe patterns can be

more advantageous compared to single-beam directive antennas when mobile applications

are considered.

H-shaped slot antenna presented in Figure 112 was designed as a single metal layer

structure backed with an 8 mil thick LCP substrate to ensure mechanical rigidity. The size

of the substrate was chosen as a = 7000 µm, b = 5000 µm. During the design process, the

dielectric constant and the loss tangent of the LCP at 60 GHz were assumed as 3.15 and

0.004, respectively based on [20].
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Figure 112. Transformation of H-shaped slot antenna from CPW-fed slot antenna.

Figure 113. Transformation of radiation pattern from a single bidirectional lobe to multi bidirectional
lobe. (a) Pattern of the center-fed slot antenna, (b) Pattern of the H-shaped slot antenna.
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Figure 114. CPW-fed H-shaped slot antenna with and without corrugations on the slots. (a) Without
corrugations, (b) With corrugations.

The details of the proposed H-shaped slot antenna are shown in Figure 114a. Tuning

the dimensions of the slots and the CPW lines, the H-shaped slot antenna was optimized

with the following values: W1 = 200 µm, L1 = 1650 µm, W2 = 200 µm, L2 = 1700 µm,

L3 = 3575 µm, and W3 = 125 µm. It was found during the design process that each

center-fed shorted slot antenna comprising the H-shaped slot antenna should be designed

as a λg-long resonator, with L1 ≈ λg/2 long slots, to achieve broadband matching in the

desired frequency band. This can be explained considering that the slot antenna is the

complementary structure of a dipole antenna. Therefore, it is expected that increasing the

length of the slot decreases the input impedance of the antenna, providing a better match.

Moreover, the gain of the antenna is increased as the length of the slot is increased.

Rectangular slits were included along the edges of the slots, as presented in Figure

114b, to shorten the slots. By corrugating the slots with rectangular slits, the length of

the slots was decreased from L1 = 1650 µm to CL1 = 1150 µm. The optimized values

for the miniaturized H-shaped slot antenna with the corrugations were found as follows:

CW1 = 200 µm, CL1 = 1150 µm, CW2 = 200 µm, CL2 = 1700 µm, CL3 = 3575 µm,

CW4 = 100 µm, CL4 = 200 µm, D = 160 µm and CW3 = 125 µm.
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Figure 115. Vector magnetic current distribution (tangential E-field) in the slots. (a) Without corruga-
tions, (b) With corrugations.

Figure 115 shows the magnetic current distribution, i.e., tangential electric field dis-

tribution, on the slots of the antennas with and without the corrugations. A comparison

of the electric current distribution is also shown in Figure 116. As seen in these figures,

corrugations help to achieve the required electrical length with a shorter slot length.

The simulated S11 of the H-shaped slot antennas with and without the corrugations are

compared in Figure 117. Although the bandwidth slightly decreases when the antenna is

miniaturized with the corrugations on the slots, the bandwidth is still wide enough to cover

the desired 11.6% bandwidth.

The radiation patterns of the H-shaped slot antennas with and without the corrugations

are also compared in Figure 118. As seen in the figure, the far field pattern of the miniatur-

ized antenna has a decreased back-radiation on the θ = 90◦ plane compared to the antenna
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Figure 116. Magnitude of electric current distribution on the ground plane. (a) Without corrugations,
(b) With corrugations.

Figure 117. Simulated S11 comparison of the H-shaped slot antennas with and without the slot corru-
gations. The original H-shaped slot antenna has L1 = 1650 µm and the miniaturized H-shaped slot
antenna has CL1 = 1150 µm.
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Figure 118. Simulated far field pattern comparison of the H-shaped slot antennas with and without the
slot corrugations. (a) φ = 90◦, (b) θ = 90◦.

without any corrugations. The peak gain of the antenna decreases slightly from 5.8 dB to

5.3 dB because of the smaller slot size. Although the gain of the antenna is low, it can be

improved by using the antenna in an array configuration.

7.3 Eliminating the Effects of the Surface Waves

Conductor-backed dielectric slabs can support wave propagation along the boundary be-

tween the dielectric and the free space, which is known as surface wave propagation. Sur-

face waves are guided along the substrate and are responsible for the coupling between

multiple elements integrated on the same substrate. Moreover, as these waves reach the

edge of the substrate they are reflected and diffracted by the edges, giving rise to a distor-

tion in the far field of the antennas. The power carried by the surface waves increases as

the substrate thickness, the dielectric constant and/or the frequency are increased [65].

The surface wave problem is also discussed in Chapter 6 of this thesis. As explained

in Chapter 6, the constraint in Eq. (122) should be satisfied to prevent the deterioration in

the radiation pattern due to the diffraction of the unwanted higher-order substrate modes.

However, Eq. (122) yields impractical thickness values for the relative permittivity of the

LCP substrate. Therefore, instead of choosing a thin substrate, the edges of the ground

173



Figure 119. Details of the miniaturized H-shaped slot antenna with ground corrugations.

plane are corrugated to prevent the diffraction of the surface waves, as applied to the linear

tapered slot antenna in Chapter 6. The miniaturized H-shaped slot antenna with ground

corrugations are shown in Figure 119.

The plots of the surface current distribution on the ground plane at 60 GHz for both the

antennas with and without the ground corrugations are displayed in Figure 120. Comparing

the current distributions, the effect of the corrugations in preventing the diffraction of the

surface waves from the edges of the ground planes can be clearly observed. As seen in the

figures, the current distribution around the antennas does not differ considerably in both

plots; therefore, the S11 of the antenna is not expected to change considerably when the

ground corrugations are included. This can be verified with the comparison of the simulated

S11 of the antennas with and without ground corrugations in Figure 121. However, the far

field of the antenna improves with the ground corrugations, as shown in Figure 122. The

back-radiation towards the feed-line decreases considerably with the addition of the ground

corrugations.
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Figure 120. Magnitude of electric current distribution (tangential E-field) on the ground plane. (a)
Without ground corrugations, (b) With ground corrugations.

Figure 121. Simulated S11 comparison of the H-shaped slot antennas with and without the ground
corrugations.
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Figure 122. Simulated far field pattern comparison of the H-shaped slot antennas with and without the
ground corrugations. (a) φ = 90◦, (b) θ = 90◦.

7.4 Simulation Based Design

A miniaturized H-shaped slot antenna was designed with a series of parametric sweeps

using the commercially available full-wave electromagnetic field solver, Computer Sim-

ulation Technology’s Microwave Studio (CST MWS) [58].The antenna was designed ac-

cording to two measurement scenarios: One depending on using the probe-based setup and

the other one based on using the edge-mount GPPO connectors, particularly B010-L13-01

from Corning Gilbert [91]. The antenna designed for the probe-based measurement setup

was optimized to use the GBB Probe Industry’s Model 67A GSG 250 air coplanar waveg-

uide probes [92]. The antenna designed for the probe-based measurement setup is shown

in Figure 119.

The antenna designed for the GPPO-based measurement setup is shown in Figure 123.

While designing this H-shaped slot antenna, the connector model was also included in

the simulation, as shown in Figure 123b. The connector model used in the simulations

was implemented as a 50Ω coaxial connector with a teflon substrate and a gold metal body,

according to the dimensions given in the datasheet [91]. Also, the dimensions of the feeding

CPW line were adjusted to ensure the proper fitting of the connector.

A series of parametric sweeps was performed using the probe-based H-shaped antenna
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Figure 123. Details of the H-shaped slot antennas designed for the GPPO-based measurement setup.
(a) Front view (without the GPPO) (b) Perspective view (with the GPPO).
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to study the effects of the design variables. During the parametric sweeps, several design

variables were found to be affecting the matching and directivity of the proposed antenna.

These main variables are the dimensions of the slot CL5 and CW5; the dimensions of the

slot corrugations CL8, CW8, and D1; and the dimensions of the ground corrugations CL9,

CW9, and D2, as shown in Figure 119. It was found through simulations with the GPPO-

based antenna that same design variables can be used to optimize the connector-based

antenna.

It should be noted that in the following text, the term “corrugation” corresponds to the

solid rectangles and the term “slit” correspond to the gaps between the corrugations.

7.4.1 Slot length, CL5

As mentioned before, the slot antenna can be considered as the complementary structure of

the dipole antenna. Therefore, the main parameter that determines the resonance frequency

of the H-shaped slot antenna proposed in this chapter is the slot length. The slot width

affects the input impedance; hence, the matching of the antenna. This is valid for both of

the antennas with and without the corrugations.

Figure 124 shows the results obtained from simulating the miniaturized H-shaped slot

antenna for different values of CL5. As seen in Figure 124a, there are two resonances that

merge in the desired frequency band. It was concluded from the parametric sweeps that

the first resonance is due to the resonance of the slot, and the second one is due to the

mutual coupling between the shorted slots. As the S11 graph shows, increasing the slot

length decreases both of the resonance frequencies. In all of the cases, there were four slits

on each side of the slot arms with CL8 = 250 µm, D1 = 200 µm and CW8 = 100 µm. The

steps between the values of CL5 were kept as low as 75 µm to keep the distribution of the

corrugations along the slots the same for all the simulated cases.

The effect of the slot length on the directivity pattern of the antenna is also presented

in Figure 124b. It was found that a longer slot results in a higher peak gain, similar to

the response of a dipole antenna; however, there is a slight difference between the patterns
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Figure 124. Simulated results for different values of CL5. (a) S11, (b) Far field pattern on φ = 90◦ and
θ = 0◦ planes.

shown in Figure 124b due to the small step size between the CL5 values.

7.4.2 The length of the slits on the slots, CL8

Since the slot length determines the resonance length of the antenna, etching slits along the

edges of the slots helps to achieve the electrical length with a shorter slot. The length of

the slits, labeled as CL8 in Figure 119, changes both the overall electrical length and width

of the slots; hence, it has a strong effect on both the resonance frequency and the matching

of the antenna, as shown in Figure 125a. Longer slits result in a lower resonance frequency

but also require rematching of the antenna by changing other parameters such as the width

and the gap of the feeding CPW lines.

The effect of CL8 on the directivity pattern of the antennas at 60 GHz is also shown in

Figure 125b. The value of CL8 affects the far field pattern, especially on θ = 90◦ plane,

since increasing CL8 decreases the distance between the corrugations along the edge of the

ground planes and the ones on the slots. As seen from Figure 125b, the slits should be kept

short enough to prevent the coupling to the ground corrugations. If necessary, the width of

the ground plane can be increased to eliminate the interaction between the slits on the slots

and along the ground edges.
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Figure 125. Simulated results for different values of CL8. (a) S11, (b) Far field pattern on φ = 90◦ and
θ = 0◦ planes.

7.4.3 Gap between slot corrugations, D1

The separation between the slits determines the density of the corrugations on the slots.

As expected, decreasing the distance between the slits decreases the resonance frequency,

as shown in Figure 126a. In these simulations, the length of the slot arms was kept at

CL5 = 1150 µm, and the number of the slits were increased as the distance between them

was decreased. It can be concluded that more slits with smaller spacing can be used to

further decrease the length of the slots. However, it should be kept in mind that decreasing

the length of the slots also decreases the gain of the antenna. A rule of thumb can be given

as D1 ≈ 2 ×CW8.

The far field pattern is also presented in Figure 126b. It can be seen that the peak

directivity is not affected considerably as the number of slits is increased while making

them closer. However, the radiation efficiency was found to decrease from 91% with four

slits to 86% with 8 slits.

7.4.4 Width of the slits on the slots, CW8

The width of the slits placed on the slots was swept to analyze their effect on the antenna

response. In these simulations, the number of slits was kept constant by decreasing the

distance between the slits as they were made wider. The effects of varying the width of the

180



Figure 126. Simulated results for different values of D1. (a) S11, (b) Far-field pattern on φ = 90◦ and
θ = 0◦ planes.

slits, CW8, along the edges of the slot arms on the S11 and the far field of the miniaturized

H-shaped slot antenna are shown in Figure 127. As seen in the figure, CW8 does not affect

the far field pattern of the antenna. On the other hand, creating wider but closer slits along

the slots affects the S11 of the antenna.

7.4.5 Length of the slits on the edges of grounds, CL9

The slits etched along the edges of the ground plane mostly affect the far field pattern of the

antenna. However, when the length of the slits forming the corrugations is increased more

than a certain value, the S11 of the antenna gets distorted, as seen in Figure 128. This is

because the current distribution around the slots is altered as the slits on the edges become

closer to the antenna. Similarly, the desired effect of the corrugations on decreasing the

radiation towards the feed line on θ = 90◦ plane starts to disappear when the slits are longer

than a certain value. This can be seen in the patterns presented in Figure 128b. A rule of

thumb for the length of the ground corrugations is CL9 ≈ λ0 \ 10.

7.4.6 Width of the ground corrugations, D2

The width of the corrugations along the edges of the ground plane affects the far field

pattern of the antenna. As expected, when the distance between two slits is increased the
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Figure 127. Simulated results for different values of CW8. (a) S11, (b) Far-field pattern on φ = 90◦ and
θ = 0◦ planes.

Figure 128. Simulated results for different values of CL9. (a) S11, (b) Far-field pattern on φ = 90◦ and
θ = 0◦ planes.
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Figure 129. Simulated far field patterns for different values of D2. (a)φ = 90◦, (b) θ = 0◦.

response becomes closer to the case without the corrugations on the ground plane. In

other words, the back radiation towards the feedline on θ = 90◦ plane increases as D2 is

increased. The variation of S11 with the changes in D2 are not included here since S11

curves were on top of each other for all D2 values simulated.

It should also be noted that the width of the slits along the ground planes, CW9, has

a similar effect with D2 in determining the number of corrugations along the edges of the

ground plane. Therefore, the response obtained from CW9 sweep is similar to the results

presented for D2. As CW9 is increased the back-radiation of the antenna increases, being

similar to the case with no ground corrugations. Also, the S11 response is insensitive to the

changes in CW9.

7.4.7 Distance between the two shorted slot antennas, CL6

The distance between the two shorted slot antennas forming the H-shaped slot antenna is

labeled as CL6 in Figure 119. Figure 130 shows the effects of varying this distance on the

S11 and the far field pattern of the antenna. As seen from the S11 curves in Figure 130a, the

second resonance frequency is highly-dependent on this separation while only the matching

level of the first resonance is affected. This supports the fact that the second resonance
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Figure 130. Simulated results for different values of CL6. (a) S11 , (b) Far-field pattern on φ = 90◦ and
θ = 0◦ planes.

occurs because of the coupling between the two shorted slot antennas comprising the H-

shaped slot antenna. The far field pattern is not affected by the value of this separation, as

seen in Figure 130b.

7.4.8 Summary of the design guidelines

Although there are many design variables that affect the S11 and the far field characteristics

of the antenna, the variables can easily be grouped into two categories according to the

parameter they affect the most. The effects of the design variables are summarized in

Table 7. As expected, the length of the slots CL5, the length of the slits CL8, the distance

between the slits on the slots D1, the width of the slits on the slots CW8, and the distance

between the two shorted H-shaped antennas CL6 are the variables that affect the S11 and

the matching characteristics of the antenna.

The variables determining the dimensions of the corrugations along the edges of the

ground planes are the main parameters that affect the far field pattern and back-radiation

of the antenna. These variables are the width of the slits CW9, the length of the slits CL9,

and the distance between the slits D2. The variables CL8 and CL9 affect both the S11 and

the far field pattern of the antenna, especially when the slits are long enough to increase the

coupling. For example, when CL8 > 250 µm, the slits on the antenna slots become close

184



Table 7. Summary of the design variables for the H-shaped slot antenna.

CL5 CL8 D1 CW8 CL9 D2 CW9 CL6

S11 X X X X X × × X

Pattern × X × × X X X ×

to the antenna edges altering the current distribution along the edges of the ground plane,

which in turn affects the back-radiation and the far field pattern.

When designing the H-shaped miniaturized antenna, it is recommended first to tune

the S11 of the antenna to the desired frequency band by adjusting the length of the slots.

Next, the slits on the slots can be added and the response can be optimized using the corre-

sponding variables shown in Table 7. Then, the ground corrugations can be added and their

dimensions can be tuned to optimize the far field pattern of the antenna. The width and gap

of the feeding CPW lines can be used to match the antenna.

7.5 Fabrication

Using the results of parametric sweeps summarized in the previous section, two miniatur-

ized H-shaped slot antennas were designed. As shown in Figures 119 and 123, one of these

antennas was designed for the probe-based measurement setup, and the other one was de-

signed based on the connector-based measurement setup. Since the proposed designs are

single metal layer structures without any via connections, fabrication process was easy and

the antennas were patterned using conventional lithography and etching processes. The

fabrication steps can be summarized as follows:

First, a 200 nm Ti and 2 µm Cu layers were deposited on an 8 mil thick bare LCP

substrate with a CVC DC sputterer. Then, a Shipley S1828 photoresist was deposited and

patterned using a Karl Suss MA-6 mask aligner. Next, the Cu layer was etched with FeCl,

and the Ti layer was etched with an HF-based solution to pattern the antennas. Finally, the

photoresist was removed using an acetone solution.

The photos of the fabricated designs are shown in Figure 131. The antennas were
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Figure 131. Photos of the fabricated H-shaped antennas compared with 10 cents.

fabricated along with the CPW-fed bi-directional linear tapered slot antennas explained in

Chapter 6. The size of the board shown in Figure 131 is 7.5 cm × 5.5 cm.

7.6 Simulation and Measurement Results

Antennas were singulated by cutting the board with scissors. Probe-based and connector-

based measurements were performed using an Agilent PNA E8361C. Short Open Load

(SOL) calibration was used for both measurement setups.

7.6.1 Probe-based Measurement Setup

Figure 132 shows the setup used for the probe-based measurements. As seen in the photos,

the antenna to be measured was placed on a foam substrate since it radiates mainly in the

elevation plane.

The measured S11 of the antenna is shown in Figure 133 along with the simulated data.

As seen in the figure, the measured and simulated results show good agreement but there

is a shift in the resonance frequencies. Moreover, the matching level is higher compared

to the measurement. The mismatch could be attributed to improper etching of the Ti layer

since the gap of the CPW line was only 25 µm for the optimized antenna. The measured 8

dB bandwidth of the antenna was found to be from 52.7 GHz to 66 GHz, covering the band
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Figure 132. Photos of the probe-based measurement setup.
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Figure 133. Simulated and measured S11 data of the miniaturized H-shaped antenna designed for the
probe-based measurement setup.

wider than the desired 7 GHz bandwidth.

Figure 134a shows the simulated 3D gain patterns of the CPW-fed H-shaped antenna

designed for the probe-fed setup. The pattern is plotted at 61 GHz. As seen in the figure,

the pattern has four beams covering the y-z plane. The simulated directivity patterns of the

probe-based antenna at different frequencies are shown in Figure 135. As the figure shows,

the antenna pattern is stable over the frequency band, especially on the φ = 90◦ plane. The

pattern on the θ = 90◦ changes slightly with frequency.

Table 7.6.1 summarizes the simulated radiation parameters of the antenna for the probe-

based system. The simulated average peak directivity of the antenna is 5.42 dBi in the

spectrum from 57 GHz to 64 GHz. The simulated radiation efficiency was found to be

around 90% in the whole band. As expected, total efficiency, which includes the effect of

the matching of the antenna in addition to the radiation efficiency, is slightly lower and

averages to 88% with an average peak gain of 4.9 dB. It should be noted that the gain of

the antenna can be increased easily using multiple antennas in an array configuration.
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Figure 134. 3D gain pattern of the miniaturized H-shaped slot antenna. (a) Probe-based design, (b)
GPPO-based design.

Figure 135. Simulated far field patterns of the miniaturized H-shaped slot antenna for different fre-
quencies. (a)φ = 90◦, (b) θ = 0◦.
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Table 8. Summary of the simulated radiation parameters for the probe-fed miniaturized H-shaped slot
antenna.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 5.44 dBi -0.44 dB (90%) -0.52 dB (89%) 4.92 dB

58 GHz 5.60 dBi -0.42 dB (91%) -0.59 dB (87%) 5.1 dB

59 GHz 5.25 dBi -0.43 dB (91%) -0.54 dB (88%) 5 dB

60 GHz 5.41 dBi -0.48 dB (89%) -0.49 dB (89%) 4.6 dB

61 GHz 5.65 dBi -0.43 dB (91%) -0.55 dB (88%) 4.7 dB

62 GHz 5.20 dBi -0.42 dB (91%) -0.60 dB (87%) 4.84 dB

63 GHz 5.32 dBi -0.45 dB (90%) -0.49 dB (89%) 4.92 dB

64 GHz 5.46 dBi -0.53 dB (89%) -0.61 dB (87%) 4.85 dB

Figure 136. Photo of the singulated H-shaped antenna with the GPPO connectors.

7.6.2 Connector-based Measurement Setup

The antennas were also measured with edge-mount millimeter wave connectors, called

GPPO connectors. The photos of the antennas fabricated for the connector-based measure-

ment setup are shown in Figures 131 and 136. The GPPO connectors were soldered onto

the CPW line feeding the antenna using copper flux. The connectors were soldered only

on the ground pads, while the signal pin was left unsoldered to prevent the parasitics due

to the solder.

Figure 137 shows the simulated and measured S11 of the LTSA designed for the con-

nector based measurement setup. As seen in the figure, the results do not agree well as

in the case of probe-based measurement setup. In the figure, the measured S11 of the air-

loaded cable, i.e. when the cable is not terminated with any structure, is also included. It
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Figure 137. Simulated and measured S11 data of the miniaturized H-shaped antenna designed for the
GPPO-based measurement setup.

can be seen from the S11 of the cable that even after the SOL calibration there is an extra

resonance around 55 GHz due to the parasitics of the cable. This resonance is also ob-

served in the antenna S11 as a slight resonance. It was also found through simulations that

the connector should be flushed to the side of the substrate without any gap and also the

signal pin should be touching the signal line to ensure proper connection. Given the tiny

size of the connectors, the proper mounting of the connector is difficult to achieve and the

disagreement between the measured and the simulated results can be attributed to the afore-

mentioned problems. Moreover, an adapter is used to connect the GPPO connectors to the

PNA cables. Since the adapter cannot be calibrated out, the measurement data includes the

effect of the adapter as well, which might be another reason for the disagreement between

the measured and simulated results.

The simulated 3D gain pattern of the antenna with the GPPO connector at 61 GHz is

shown in Figure 134b. Comparing the pattern with the pattern of the probe-based antenna

in Figure 134a reveals the distortion in the far field of the antenna due to the radiation of

the currents on the connector. Figure 138 shows the directivity patterns of the antenna at

different frequencies. As seen in the graphs, the multi-beam pattern is preserved over the

desired frequency band. The radiation pattern of the antenna was not measured since the
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Figure 138. Simulated far field patterns of the miniaturized H-shaped slot antenna designed for the
GPPO-based measurement setup. (a)φ = 90◦, (b) θ = 0◦.

antenna measured with the GPPO connectors were not matched well, as shown in Figure

137.

The radiation parameters are summarized in Table 7.6.2. The values are similar to the

values in Table 7.6.1.

7.7 Conclusions

A novel wireless technology is emerging for the usage of the unlicensed 7 GHz spectrum

around 60 GHz for high-throughput short-range wireless communications. Along with the

high-speed data transfer capabilities and miniaturized systems, the high carrier frequency

brings several challenges, such as increased path loss, material loss and reflections, that

require directive, easy-to-fabricate and easy-to-integrate antennas to be used in these sys-

tems. Moreover, it is crucial for proper operation and cost issues that the designs selected

are insensitive to the fabrication tolerances. Slot antennas have all of the aforementioned

advantages along with being low-profile and having the ability to provide wide bandwidth

and directive gain operation. In this chapter, a CPW-fed resonant-type H-shaped slot an-

tenna has been presented.

The antenna proposed is a single metal layer structure that can be fabricated easily.
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Table 9. Summary of the simulated radiation parameters for the GPPO-fed miniaturized H-shaped slot
antenna.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 6 dBi -0.37 dB (92%) -0.56 dB (88%) 5.46 dB

58 GHz 6.14 dBi -0.37 dB (92%) -0.46 dB (90%) 5.69 dB

59 GHz 5.86 dBi -0.37 dB (92%) -0.4 dB (91%) 5.46 dB

60 GHz 5.36 dBi -0.36 dB (92%) -0.36 dB (92%) 5 dB

61 GHz 5 dBi -0.36 dB (92%) -0.39 dB (91%) 4.6 dB

62 GHz 4.7 dBi -0.37 dB (92%) -0.45 dB (90%) 4.26 dB

63 GHz 4.5 dBi -0.37 dB (92%) -0.54 dB (88%) 3.99 dB

64 GHz 4.8 dBi -0.37 dB (92%) -0.61 dB (87%) 4.2 dB

Moreover, since it is created by combining two CPW-fed shorted slot antennas, the radia-

tion pattern of the antenna has four beams, covering four different directions at the same

time. Although, the peak gain of the antenna decreases when the power is divided in multi-

ple directions, the antenna can be used in an array configuration to overcome this problem.

The average 6 dB gain of the antenna can be increased approximately to 9 dB by using a

two-element array configuration.

Miniaturization of the length of the slots comprising the antenna has also been discussed

in this chapter. A method based on etching slits along the edges of the slots has been

proposed to achieve the required electrical current length with a shorter slot length. The

length of the slots was decreased from L1 = 1650 µm to CL1 = 1150 µm by incorporating

the corrugations on the slots.

In addition to the miniaturization of the slots, the slits were also used to create corru-

gations along the edges of the ground plane to prevent the diffraction of the surface waves.

The method proposed has been shown to eliminate the back-radiation that can cause unde-

sired coupling to the feed elements. The effects of the design variables that can be used to

optimize the antenna response have been presented along with some guidelines.

Moreover, the proposed antenna structure was designed for measurement with probe-

based and connector-based setups to compare the results obtained from these setups. It was
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found that the probe-based measurement setup is more suitable to measure the response

of the antenna since the connector requires additional adapters, which introduces discon-

tinuities that are difficult to de-embed. Moreover, the tiny size of the connectors makes it

difficult to mount them on the fabricated designs.
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CHAPTER 8

STACKED TRIANGLE PATCH ANTENNAS ON MULTILAYER
RXP-BASED SUBSTRATES

The internationally available 7 GHz of unlicensed spectrum around 60 GHz promises a

wide range of applications that can support multi-gigabits per second throughput. Replac-

ing the high-definition media interface (HDMI) cables with wireless compressed video

streaming as part of a wireless personal area network (WPAN) is one example of several

desired applications. These applications require compact, low-cost and high-performance

wireless systems. Compared to the WLAN/WiMAX applications, the size reduction of

these systems is achieved inherently with the miniaturization factor that comes with the

high operational frequency. In addition to the miniaturization, efficient integration is crit-

ical for designing high-performance systems. Advanced packaging technologies, such as

the system-on-package (SOP) technology, have been shown to provide highly-integrated,

low-cost solutions using multilayer substrates. However, the need for effective antenna in-

tegration with the passive and active circuitries is still a barrier for achieving low-loss and

low-noise systems.

Low temperature co-fired ceramic (LTCC) technology has been a popular solution for

applying SOP in both the WLAN and V bands. The high-permittivity and low loss tangent

of the multilayer LTCC substrates have been advantageous for the miniaturization and in-

tegration of RF components. However, LTCC may not provide a cost effective packaging

solution due to the higher processing temperature (> 900◦C) and the larger manufacturing

variations as compared to the multilayer organic technologies (MLO) [19]. Furthermore,

organic substrates with a moderate value of dielectric constant provide a better medium to

achieve the wide-band matching of the antenna than the LTCC substrate with high dielectric

constant.
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Therefore, the SOP solution based on liquid crystalline polymer (LCP) has been consid-

ered as a promising alternative for RF-system integration due to its superior electrical prop-

erties up to millimeter wave frequencies [20]. However, the LCP is based on a relatively

high processing temperature (290◦C) compared to the FR-4, which creates limitations for

low-cost system integration. Recently, a novel ultra-thin organic dielectric material, called

RXP, has been introduced which can help to extend the micro-scale SOP to nano-scale

SOP. RXP has two variants called RXP-1 and RXP-4. RXP-1 is used as the core material,

and RXP-4 is the build-up layer used to replace the bondply layer of the LCP. The RXP

technology is more advantageous than the LCP technology in terms of preventing registra-

tion errors since the build-up layer is a variant of RXP. Moreover, the RXP technology uses

a lower processing temperature (220◦C), which has better compatibility with the standard

printed circuit board (PCB) manufacturing processes [22]. It also enables building thinner

substrates and finer lines/spaces compared to the LCP technology. For instance, 30-50 µm

diameter through-vias, 25-40 µm blind vias and 15 µm line/spaces can be fabricated with

the RXP technology [21].

Figure 139 captures the integration techniques based on using the multilayer RXP-

based substrates. As a first step in integration, RXP-based MLO substrates can be designed

as a separate substrate for the antenna and the passive front-end components, as shown in

Figure 139a. Next, the integration can be further improved by placing the chip in a cavity

constructed in the MLO substrate, as shown in Figure 139b.

In this chapter, stacked triangle patch antenna array configurations based on multilayer

RXP-based substrates are presented. These antenna configurations provide the initial step

for realizing antenna integration on the RXP-based multilayer substrate for 60 GHz WPAN

applications. This chapter starts with a review of the stacked patch antennas in Section

8.1. Next, the first stacked patch antenna array configuration is introduced in Section 8.2.

Detailed design analysis is provided along with some design guidelines for the antenna

designers. Then, the second configuration, which is achieved with a slight modification
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Figure 139. Conceptual integration techniques for RXP-based MLO substrates. (a) MLO as a separate
substrate housing the passive components. (b) Chip embedded in a cavity in the MLO substrate.
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to the first one, is discussed in Section 8.3. Following this section, the designs optimized

for the connector-based measurement setup are presented in Section 8.4. Next, the design

optimized for the probe-based measurement setup is presented in Section 8.5. The chapter

is concluded with Section 8.6.

8.1 Review of Stacked Patch Antennas

Microstrip patch antennas are resonator-type antennas that consist of a radiating patch

printed on a grounded substrate. Microstrip patch antennas have numerous attractive fea-

tures such as light-weight, low-profile, low-cost, conformability, and easy fabrication [6].

Moreover, their directive radiation pattern and the ability to work with a ground plane are

advantageous to achieve vertical integration in multilayer substrates, as suggested for SOP.

The primary limiting factor in the use of microstrip patch antennas is their inherently nar-

row bandwidth, which requires a bandwidth-enhancement technique to be applied along

with the antenna design.

Stacked patch configurations implemented on multilayer substrates have been proposed

to increase the bandwidth of the patch antennas. The analysis of the aperture-stacked patch

antennas has been published in [103], where vertically-stacked rectangular patch antennas

were fed by a microstrip line through a resonant aperture. Wide bandwidth was reported in

this paper by balancing coupled resonances between the stacked patches and the resonant

aperture. A similar stacked patch configuration was studied in [104], where a CPW-fed slot

antenna was used to excite the stacked patches. Stacked patch antennas were also designed

in LTCC substrates [105], where a probe-feed was used instead of an aperture- or a slot-

feed. Recently, a parasitically coupled stacked patch antenna array on a multilayer Teflon

substrate was proposed in [106] for V-band applications.

In all the aforementioned papers, thick multilayer substrates were used. For instance,

the total thickness of the substrate for the stacked rectangular patch antenna array reported

in [106] is 1.1 mm even though the antenna operates at 60 GHz. Although the thickness
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of the substrate between the stacked patches is a useful design parameter to optimize the

performance of the stacked patch antenna designs, thick substrates suffer from increased

surface wave propagation especially at millimeter wave frequencies. Moreover, employing

thick substrates does not agree with the aim of miniaturization.

The thickness of the RXP-based multilayer substrates housing the proposed stacked

patch antenna arrays presented in this chapter is only 330 µm. Furthermore, triangular patch

antennas are used instead of the rectangular patch antennas since triangular patch antennas

can provide the same performance in a more compact size compared to the rectangular

patch antennas [6]. Moreover, the performance of the triangular patch antennas can easily

be tuned using a stub added at the tip or the base of the antenna.

In this chapter, a triangular patch antenna array that utilizes a resonant aperture with

parasitically-coupled stacked patches is presented. The 11.67% wide bandwidth require-

ment for the 60 GHz applications was achieved by merging coupled resonances. The pro-

posed structure using the multilayered configuration is a more compact array solution com-

pared to the single-layer series- or parallel-fed antenna arrays.

8.2 Stacked Triangular Patch Antenna Array (STPAA)

The cross-section of the RXP-based multilayer substrate and the proposed stacked trian-

gular patch antenna array (STPAA) are shown in Figure 140. The substrate is a five-layer

balanced stack-up, where a middle 100 µm thick RXP-1 layer is supported by a two-layer

stack-up of 20 µm thick and 60 µm thick RXP-4 layers at the top and the bottom. The lat-

eral size of the substrate is 5.5 mm × 8.5 mm. The dielectric constant and the loss tangent

of the layers at 60 GHz are εr = 3.39 and 0.0038 for the RXP-1 layer, and εr = 3.01 and

0.0043 for the RXP-4 layers, respectively [22].

Although the five-layer stack-up provides six layers available for metallization, labeled

from M1 to M6 in Figure 140, only the metal layers M1, M3, M4, and M6 were employed

in the proposed design. The details of the metallization of these layers are shown in Figure
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Figure 140. Cross-section of the RXP-based stack-up used for the proposed stacked triangular patch
antenna array.

141.

There are four triangular patch antennas in the proposed STPAA. These antennas are

labeled as A1, A2, A3, and A4, as illustrated in Figures 141a and b. All of the triangular

patches were designed as equilateral triangular patches with side lengths S 1 for A1, A2,

A3; and S 2 for A4. A4 denotes the centered triangular patch antenna placed on metal layer

M3. The antenna A4 is excited by the microstrip line on M6 through the aperture etched

on the ground plane occupying M4. The other three triangular patch antennas A1, A2 and

A3, are placed on M1 such that the antenna A4 is aligned in the center of these parasitic

triangular patches, being equidistant from each patch. The triangular antennas A1, A2, and

A3 on M1 are parasitically coupled to A4 on M3.

As seen in the enlarged image of the antenna A1 in Figure 141a, a stub with length S 3

is placed at the tip of the A1. The parasitic antennas A2 and A3 are rotated images of the

antenna A1 by 120◦ and 240◦ around the center O shown in Figure 141a. Therefore, the

stubs on these antennas are positioned at the outmost tip of each antenna.
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Figure 141. Details of the stacked triangular patch antenna array. (a) Metal layer M1, (b) Metal layer
M3, (c) Metal layer M4, (d) Metal layer M6.

Two feeding methods were considered for the initial design. The first method consid-

ered was the proximity feed, where the ground plane was placed on M6 and a 50Ω mi-

crostrip line was designed on M5, aligned under the antennas. The proximity-feed method

enables the use of both the probe-based or the connector-based measurement setups. How-

ever, the spurious radiation from the feed lines interferes with the antenna radiation creating

distortion in the far field pattern, as seen in the E-field plot in Figure 142a. These E-field

plots were obtained by simulating the STPAA model using the commercially available full-

wave electromagnetic solver, CST-MWS software [58].

The second, and the preferred, method was the aperture-coupling feed method, where

the ground plane is moved to M4, and the microstrip line is placed on M6. Although

exposing the microstrip line at the back of the substrate limits the designer to use only

the connector-based measurement setup, the aperture coupled feed avoids the coupling of

the spurious line radiation with the help of the shielding ground plane, as shown in Figure

142b. Moreover, the aperture can be designed as a nearly-resonant structure, which not

only provides coupling of the microstrip line fields but also contributes to the resonance
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Figure 142. Comparison of the E-field magnitude plots for the proximity- and the aperture-feed cases.
The far field patterns for both cases are shown in the inset images. (a) Proximity-coupling feed, (b)
Aperture-coupling feed.

202



[103]. Impedance matching can also be achieved easily for the aperture-coupling feed by

terminating the open end of the microstrip line with a lower impedance line to control the

coupling through the aperture, as shown in Figure 141d.

8.2.1 Design Based on Simulation

The enhancement in the bandwidth obtained with the aperture-coupled stacked patch an-

tenna configuration is a result of coupled resonances. These resonances are produced by

several coupling mechanisms that occur between the aperture and the antenna elements. In

general, these resonances produce a resonance loop on the impedance locus when plotted

on a Smith chart, where the size of the loop can provide information on the coupling factor.

In other words, the larger the radius of such a loop, the greater the coupling factor [103],

[104].

There are several coupling mechanisms in the proposed STPAA configuration. Full-

wave electromagnetic field solutions obtained through CST-MWS simulations were ana-

lyzed to understand these coupling mechanisms and the modes excited in the proposed

STPAA. Figure 143 displays the plots of the normal E-field magnitude for the three de-

generate modes excited at 59.5 GHz, 62.5 GHz and 65.5 GHz. These frequencies are the

three resonances observed in the S11 of the antenna. These frequencies can also be found

using the Smith chart since the impedance locus of the antenna crosses the real axis of the

Smith chart at the frequencies the antenna resonates. In this study, the frequencies to plot

the mode fields at are chosen as the ones at which the loops on the impedance locus of

the antenna crosses the real axis of the Smith chart second time. It was observed from the

Smith chart plots that, the loops on the impedance loci do not cross the real axis for some

cases, i.e. the antenna is close to resonance but does not fully resonate. For these cases, the

mode frequencies were defined as the frequencies that correspond to the middle points of

the loops on the impedance locus of the antenna on the Smith chart.

The fields in Figure 143 are plotted on z = 50 µm plane, which is between the antenna

A4 and the ground plane, and on z = 145 µm plane, which is between the antenna A4 and
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the parasitic patches A1, A2, and A3. The orientation of the coordinate system is shown in

Figure 140. In all of the field plots presented in the rest of this chapter, these two plane-cuts

are displayed. Moreover, in all of the field plots, the phase values are determined such that

the top half of the antenna A1 is excited with the peak value of the +z-directed normal field.

It can be seen from Figure 143 that, the patches A1 and A4 are mainly excited in the

dominant TM10 mode for all frequencies. However, the antennas A2 and A3 are mostly

excited with a degenerate TM10 mode due to having the stub positioned at the bottom

outmost tip of these patches. The coupling between these degenerate modes excited under

the antennas A2 and A3 leads to a resonance that would not appear otherwise, which is

explained later in this chapter. Analyzing the simulated field plots further reveals that,

another coupling mechanism contributing to resonance is the coupling between the aperture

and the lower triangular patch A4. The coupling among the lower patch A4, and the upper

parasitic patches A1, A2 and A3 also contributes to the resonances.

The interaction of these coupling mechanisms and the resultant mutual resonances lead

to a complex design process that depend on several design parameters. To achieve the

bandwidth requirements for V-band applications, it is critical to balance these coupling

mechanisms such that the loops corresponding to the mutual resonances on the impedance

loci become tight loops that are close to each other and in the desired voltage standing wave

ratio (VSWR) circle.

To achieve this goal and also gain insight on the effect of the design variables, a sys-

tematic parameter study was conducted based on full-wave electromagnetic simulations

performed with CST. The effect of the critical design variables were studied extensively

using the field plots and Smith chart plots. These parameters are the dimensions of the tri-

angular patches (S 1 and S 2), the stub length (S 3), the relative position of A1 with respect

to A4 (L1), the dimensions of the aperture (W1 and L2), and the dimensions of the low

impedance line (L4 and W2). During each sweep, only one variable was altered while the
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Figure 143. Simulated normal E-field plots for the three modes excited under the stacked triangular
patch antenna configuration. The fields are plotted on z = 50 µm and z = 145 µm. The phase values are
determined such that the tip of the A1 is excited at the peak value on all conditions. (a) Mode 1 (at 59.5
GHz), (b) Mode 2 (at 62.5 GHz), (c) Mode 3 (at 65.5 GHz).
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others were kept at the following values: S 1 = 1500 µm, S 2 = 1300 µm, S 3 = 150 µm,

L1 = 1125 µm, W1 = 1000 µm, L2 = 200 µm, W2 = 400 µm, and L4 = 1500 µm.

The thicknesses of the substrates between the patches and the ground plane are other

critical design variables for the stacked patch antenna configurations. These variables were

not used to optimize the final design in this study since the stack-up was predetermined

by the fabrication process. However, the effects of these variables are also included in this

analysis for the sake of completeness. A set of design guidelines was formulated at the end

of this parameter sweep study.

8.2.1.1 L1 Sweep

The distance between the antenna A1 and the antenna A4, labeled as L1 in Figure 141b,

is one of the main parameters that affects the coupling between the antennas; hence, the

resonance frequencies. Increasing L1 decreases the overlapped area between the antenna

A4 and the parasitic patches A1, A2 and A3.

Figure 144 presents the simulated normal E-field plots for L1 = 925 µm case. The

fields are plotted on the previously defined cut-planes at 54.5 GHz, as shown in Figure

144a, and at 63.6 GHz, as shown in Figure 144b, which are the resonance frequencies of

the two modes excited for this case.

The effect of L1 on the coupling between the antennas can be understood by com-

paring the field plots of Mode 1 for the L1 = 925 µm case shown in Figure 144 and the

L1 = 1125 µm case shown in Figure 143. Comparing the z = 145 µm plot in Figure 144a

with the corresponding plot in Figure 143a reveals that the fields become stronger as the

overlapping area is increased, while decreasing L1. Similar result can be concluded from

the comparison of the plots for Mode 2 in Figure 144b and 143b, since the antennas A2 and

A3 become closer as L1 is decreased. Increased field intensity denotes increased coupling,

which can also be observed from the Smith chart plots as large loops.

Figure 145 shows the impedance loci for different values of L1. The circle correspond-

ing to the desired VSWR value is also included in the graphs. This value was taken as
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Figure 144. Simulated normal E-field plots for the two modes excited for L1 = 925 µm case. The fields
are plotted on z = 50 µm and z = 145 µm. The phase values are determined such that the tip of the A1
is excited at the peak value on all conditions. (a) Mode 1 (at 54.5 GHz), (b) Mode 2 (at 63.6 GHz).
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Figure 145. Impedance loci for different values of L1. (a) L1 = 925 µm, (b) L1 = 1025 µm, (c) L1 =

1125 µm.

VSWR62:1, equivalent to S116-10 dB, for all the cases presented in this chapter. Analyz-

ing the impedance locus from Figure 145a to 145c, it is concluded that the first resonance

loop becomes smaller and moves to higher frequencies. Smaller loop size is caused by in-

creasing L1 which decreases the vertical coupling between the antennas. This is expected

since the overlapping area is decreased with increasing L1. Observing the second loop

reveals that, the second resonance is not affected as much as the first resonance loop. How-

ever, similar to the first resonance, the loop becomes slightly tighter as L1 is increased.

This is expected since as L1 increases, the antennas A2 and A3 move further apart from

each other, resulting in weaker coupling. It should also be noted that a third resonance

loop appears and moves to lower frequencies as L1 is increased. L1 = 1125 µm provides

the proper balance among the coupling mechanisms, making the resonance loops tighter,

closer to each other and inside the 2:1 VSWR circle, as shown in Figure 145c.

The simulated S11 data is also shown in Figure 146a on a rectangular plot. Similar

conclusions can also be drawn by analyzing this plot; however, the impedance loci provides

a better method to understand the strength of the coupling mechanisms. Figure 146b shows

the effect of the L1 variation on the directivity pattern plotted on the φ = 90◦ plane. As

the figure shows, L1 has a minor effect on the peak directivity. On the other hand, the

back radiation increases and the radiation efficiency decreases from 81% to 72% as L1 is
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Figure 146. Simulated data for different values of L1. (a) S11, (b) Directivity pattern at 58 GHz on the
φ = 90◦ plane.

decreased from L1 = 1125 µm to L1 = 925 µm. The far field pattern on φ = 0◦ plane is not

presented since the patterns on the φ = 0◦ and the φ = 90◦ planes are similar to each other

due to the broadside pattern of the patch antenna.

8.2.1.2 S2 Sweep

In addition to the parameter L1, the side length of the antenna A4, S 2, is another critical

parameter that determines the size of the overlapping area between the antenna A4 and the

parasitic patches A1, A2, and A3. Therefore, S 2 also affects the strength of the mutual

coupling between these antennas. The effect of S 2 variation on the impedance loci and S11

are shown in Figures 147 and 148a, respectively.

As concluded from the L1 sweep, the mutual coupling between the antenna A4 and

the parasitic patches increases as the size of the overlapping area between these antennas

is increased. This can be seen in the impedance loci as an enlarging first loop that moves

counter-clockwise to lower frequencies and onto the inductive region as we move from

Figure 147a to 147c thereby increasing the size of A4. It should be noted that the same trend

was observed moving from Figure 145c to 145a. This is expected since both directions

result in an increased overlapping area. Supporting conclusions can also be drawn from the
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Figure 147. Impedance loci for different values of S 2. (a) S 2 = 1300 µm, (b) S 2 = 1400 µm, (c) S 2 =

1500 µm.

Figure 148. Simulated data for different values of S 2. (a) S11, (b) Directivity pattern at 58 GHz on the
φ = 90◦ plane.

S11 plots in Figure 148a.

On the contrary to the case with L1, Figure 147 shows that the size of the second loop,

corresponding to Mode 2, almost stays the same as S 2 is increased. This is because Mode

2 results from the interaction between the antennas A2 and A3, and the distance between

these antennas stays the same as S 2 is altered, contrary to the case with L1. As S 2 is

increased, the second loop moves towards higher capacitive values, shifting out of the 2:1

VSWR circle. This can also be observed in Figure 148a as a second resonance at the same

frequency for all cases but with a worsening matching level as S 2 is increased.
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The effect of S 2 on the third resonance is similar to the effect of L1. Increasing the

overlapping area has a mitigating effect on the third loop, and the resonance disappears as

S 2 is increased.

The effect of S 2 variation on the directivity pattern is also shown in Figure 148b. As

expected, the pattern plot for S 2 variation in Figure 148b is similar to the pattern in Fig-

ure 146b. Altering S 2 has a negligible effect on the peak directivity; whereas, the back-

radiation increases, and the radiation efficiency decreases, as S 2 is increased.

8.2.1.3 S1 Sweep

The side length of the antennas A1, A2 and A3, labeled as S 1 in Figure 141a, has a pro-

nounced effect on all the modes excited. Figure 149 displays the effect of altering S 1 on

the impedance locus. Figure 149a presents the data for S 1 = 1300 µm, where there is only

one resonance loop. This is because the smaller the patches A1, A2 and A3 are, the further

apart these patches are from each other. This means A1, A2 and A3 are under-coupled with

each other. Figure 150a presents the fields of the single mode excited for S 1 = 1300 µm at

60 GHz. As seen in the figure, the antenna A4 is strongly coupled to the aperture and the

antennas A1, A2, and A3 are too small to excite the dominant TM10 mode.

The antennas A1, A2, and A3 become closer to each other, as S 1 is increased. This

creates mutual resonances leading to the appearance of the second and third resonances.

Figure 149b shows the appearance of the second resonance loop as the first one becomes

smaller and shifts to lower frequencies. As S 1 is increased from S 1 = 1400 µm to S 1 =

1500 µm, the second loop becomes larger, as supported with the Mode 2 field plot shown

in Figure 150b for the S 1 = 1500 µm case. The third resonance loop also appears when S 1

is increased to 1500 µm.

Figure 149d displays the impedance locus for the S 1 = 1600 µm case. It can be seen

that, the third resonance becomes larger, indicating a strong coupling mechanism. The

strong coupling can be explained looking at the Mode 3 field plot for S 1 = 1600 µm, shown

in Figure 150c. As seen from the field plots, the reduced distance between the antennas A2
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Figure 149. Impedance loci for different values of S 1. (a) S 1 = 1300 µm, (b) S 1 = 1400 µm, (c) S 1 =

1500 µm (d) S 1 = 1600 µm.
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Figure 150. Simulated normal E-field plots for the modes excited for different S 1 values. The fields are
plotted on z = 50 µm and z = 145 µm planes. The phase values are determined such that the tip of the
A1 is excited at the peak value on all conditions. (a) S 1 = 1300 µm at 60 GHz, (b) S 1 = 1500 µm at 62.5
GHz (c) S 1 = 1600 µm at 63.7 GHz.

213



Figure 151. Simulated data for different values of S 1. (a) S11, (b) Directivity pattern at 58 GHz on the
φ = 90◦ plane.

and A3 results in increased coupling, similar to the cases for L1 and S 2 sweeps.

Similar observations can be made from S11 comparisons shown in Figure 151a. As the

graph shows, the second and the third resonances appear as S 1 is increased. Moreover, all

the resonances move to lower frequencies as the patches become larger. The variations in

S 1 also affect the radiation properties of the STPAA. It was found from simulations that

increasing S 1 from 1300 µm to 1500 µm helps to improve the radiation efficiency from

71% to 81%. Moreover, the pattern shape is almost insensitive to the changes in S 1, as

shown in Figure 151b. However, when S 1 > 1500 µm, the corners of the antennas become

too close to each other resulting in a change in the pattern. Therefore, while increasing S 1,

it is important to ensure that the antennas A1, A2 and A3 are not over-coupled.

8.2.1.4 S3 Sweep

A stub placed on the tip or the base of a triangular patch antenna can be used to control

the resonance frequency of the antenna [6]. Therefore, three stubs with length S 3 were

placed at the outermost tips of each parasitic patch A1, A2, and A3. Figure 152 shows the

impedance loci for different values of S 3. The field plots for the S 3 = 50 µm case are also

shown in Figure 153.
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Figure 152. Impedance loci for different values of S 3. (a) S 3 = 50 µm, (b) S 3 = 100 µm, (c) S 3 = 150 µm
(d) S 3 = 250 µm.

The effect of the stub on the resonances can be found by comparing a short stub case

with a long stub case. The impedance locus for the S 3 = 50 µm case is shown in Figure

152a. As seen in the figure, there are only two resonance loops. Analyzing the fields of

the S 3 = 50 µm case in Figure 153 and comparing these plots with the ones in Figure 143,

corresponding to S 3 = 150 µm, reveal that the modes excited at 60 GHz and 64 GHz for

S 3 = 50 µm case both correspond to Mode 1 while the modes at 66 GHz corresponds to

Mode 3. In other words, Mode 2 is not excited when the stub is small or absent.

Figure 152b shows the appearance of the second resonance as stub length is increased

to 100 µm. The second loop becomes larger when the stub length is increased further, as
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shown in Figure 152c and d. This means the interference between A2 and A3 becomes

stronger as the stub length is increased. On the contrary, the first loop becomes smaller and

rotates counterclockwise towards lower frequencies, moving out of the VSWR 2:1 circle

at S 3 = 250 µm. The third loop stays almost at the same frequency with the same radius

while S 3 is altered.

Similar results can be concluded by analyzing the simulated S11 data on a rectangular

plot, as shown in Figure 154a. As seen in the graph, the stub length affects the second res-

onance the most. The second resonance appears as S 3 is increased from 50 µm to 100 µm.

The first resonance slowly moves to lower frequencies, and it loses the accepted match-

ing level as S 3 is increased abruptly. The third resonance stays at the same frequency as

expected from the conclusions drawn from the impedance loci analysis.

The effect of the S 3 variation on the far field pattern is negligible until the value is

larger than 200 µm, as displayed in Figure 154b. As the stub length is increased further

from 200 µm, the pattern shape deteriorates similar to the case for S 1 = 1600 µm in S 1

sweep.

8.2.1.5 W1 Sweep

Figure 155 shows the effect of varying the aperture width on the impedance locus. It is seen

that the aperture width W1 has a pronounced effect on all of the resonance loops. The first

loop becomes larger and moves towards the inner part of the 2:1 VSWR circle, indicating

a better matching level. The size of the second loop stays the same while changing W1;

however, the loop moves closer to the center of the Smith chart. Finally, the third resonance

diminishes and moves out of the VSWR circle, pointing to a worse matching as W1 is

increased.

The S11 graphs in Figure 156a also support these observations. As seen in the graphs,

the first and the second resonances match better with increased W1, while the second reso-

nance also moves to lower frequencies. The third resonance slowly disappears, while W1

is increased.
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Figure 153. Simulated normal E-field plots for the modes excited for S 3 = 50 µm. The fields are plotted
on z = 50 µm and z = 145 µm planes. The phase values are determined such that the tip of the A1 is
excited at the peak value on all conditions. (a) 60 GHz, (b) 64 GHz (c) 66 GHz.
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Figure 154. Simulated data for different values of S 3. (a) S11, (b) Directivity pattern at 58 GHz on
φ = 90◦.

Figure 155. Impedance loci for different values of W1. (a) W1 = 900 µm, (b) W1 = 1000 µm, (c)
W1 = 1100 µm.
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Figure 156. Simulated data for different values of W1. (a) S11, (b) Directivity pattern at 58 GHz on
φ = 90◦.

The far field pattern is also shown in Figure 156b. It can be seen in the graphs that,

altering the aperture width has unnoticeable effect on the the peak directivity. Only the

back radiation increases gradually as the size of the aperture is increased. The radiation

efficiency was also found to stay at the same value of 82% for all simulated width values.

8.2.1.6 L2 sweep

The effect of varying L2 on the impedance locus is shown in Figure 157a. L2 is another

parameter that determines the size of the aperture. Therefore, the variation of L2 has the

same trend as that of W1, and the same conclusions can be drawn.

8.2.1.7 L4 sweep

The 50Ω microstrip line used to feed the antennas was terminated with a low-impedance

line to control the coupling. The length of this low-impedance line, L4, was another pa-

rameter used to meet the bandwidth requirement. Figure 158 shows the effect of L4 on

the impedance loci from 50 GHz to 70 GHz. It can be observed that the radius of the first

resonance loop is smaller for longer lines. The second loop also diminishes with increasing

line length. It also moves out of the 2:1 VSWR circle, indicating a worsening matching

219



Figure 157. Impedance loci for different values of L2. (a) L2 = 50 µm, (b) L2 = 100 µm, (c) L2 = 200 µm.

Figure 158. Impedance loci for different values of L4. (a) L4 = 1400 µm, (b) L4 = 1500 µm, (c) L4 =

1600 µm.

level. The third loop also becomes smaller and almost vanishes for L4 = 1600 µm.

The effect of L4 variation on the S11 and the far field pattern are shown in Figure 159a

and b, respectively. As seen in the graphs, the first resonance stays matched but moves

to lower frequencies with increasing length; whereas the second and the third resonances

diminish gradually. The peak directivity of the antenna is not considerably affected by L4

variations. However, the back-radiation and the radiation efficiency increase slightly as the

line length is increased.
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Figure 159. Simulated data for different values of L4. (a) S11, (b) Directivity pattern at 58 GHz on
φ = 90◦.

8.2.1.8 W2 sweep

The width of the low-impedance line terminating the microstrip line is labeled as W2 in

Figure 141d. W2 is mainly used to achieve the desired impedance matching level. It can

be seen in Figure 160 that, W2 can be used to control the level of coupling and create tight

resonance loops that are close to each other.

This can also be supported with the simulated S11 data, as shown in Figure 161a. As

seen in the figure, adjusting W2 helps to match the antenna to the desired S11 level. Al-

though the resonance frequencies shift slightly to higher frequencies when W2 is increased,

the shift in the frequency can be corrected using other variables. Figure 161b presents the

far field pattern for different W2 values. As seen in the figure, W2 variation does not affect

the radiation properties of the antenna considerably. However, the total efficiency of the an-

tenna can be improved by adjusting W2 since proper impedance matching at the feed-end

can be achieved.

8.2.1.9 Thickness Sweep

The thickness of the RXP-layers constructing the stack up were determined by the man-

ufacturer; therefore, they were not used as design variables to optimize the final design.
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Figure 160. Impedance loci for different values of W2. Frequency range is from 50 GHz to 70 GHz. (a)
W2 = 200 µm, (b) W2 = 300 µm, (c) W2 = 400 µm.

Figure 161. Simulated data for different values of W2. (a) S11, (b) Directivity pattern at 58 GHz on
φ = 90◦.
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Figure 162. Impedance loci for different values of H1. (a) H1 = 60 µm, (b) H1 = 120 µm, (c) H1 =

180 µm.

However, since the thicknesses of the substrates between the aperture and the antenna A4;

and between the antenna A4 and the parasitic elements are crucial parameters in the design

of the stacked patch antennas, a thickness sweep study is also included in this chapter for

the sake of completeness.

The thickness of the substrate is one of the main parameters to control the vertical

coupling between the antennas; therefore, even slight changes in the thickness result in

a considerable change in the impedance loci. Figure 162 shows the impedance loci for

different values of the thickness of the topmost RXP-4 layer, as shown in Figure 140. This

RXP-4 layer separates the antenna A4 and the parasitic elements A1, A2 and A3, and

the thickness of this layer is labeled as H1. As the impedance loci show, increasing H1

from 60 µm to 120 µm creates three tight loops that are positioned in the 2:1 VSWR circle.

However, two of these resonance loops disappear when the thickness is further increased,

as shown in Figure 162c. The S11 data in Figure 163a show that, the first and the second

resonance loops disappear with increasing H1. This is because these resonances are created

by the coupling mechanisms between the antenna A4 and the parasitic patches. Making the

separation substrate bulky causes the antennas to undercouple and; hence, the resonances

to disappear.

The effect of H1 variation on the radiation pattern is also shown in Figure 163b. It
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Figure 163. Simulated data for different values of H1. (a) S11, (b) Directivity pattern at 58 GHz on
φ = 90◦.

was found that, the shape and the peak value of the pattern is dependent on the thickness.

The back-radiation increases for thicker substrates, which can be explained with increased

surface wave propagation.

The effect of the thickness of the substrate between the lower triangular patch, A4,

and the ground plane was also studied. The thickness of this separating RXP-1 layer is

labeled as H2. Figure 164 shows the effect of H2 on the impedance loci. As the substrate

is thicker, the first and the second resonance loops disappear gradually while the third

resonance loop appears to be larger. Moreover, the loops move away from each other

as H2 is increased. The trend in the simulated S11 data, as shown in Figure 165a, also

supports these observations. The value of H2 has a major effect on the radiation pattern of

the antenna as well. It can be seen in Figure 165b that increased surface wave propagation

on thicker substrates results in increased back-radiation, similar to the case with increased

H1.
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Figure 164. Impedance loci for different values of H2. (a) H2 = 100 µm, (b) H2 = 150 µm, (c) H2 =

200 µm.

Figure 165. Simulated data for different values of H2. (a) S11, (b) Directivity pattern at 58 GHz on
φ = 90◦.
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8.2.2 Summary of the Design Guidelines

Table 10 summarizes the effects of the design variables on the three resonance frequencies,

the radiation parameters, the peak directivity, the front-to-back ratio (FBR) and the radia-

tion efficiency of the proposed STPAA. The guidelines presented in this table are obtained

through the parameter sweep simulations explained in the previous section of this chapter.

Antenna designers can use these guidelines to optimize the proposed STPAA to the desired

frequency band.

It was found that this configuration excites three modes that lead to three resonances.

Although each mode is affected by a number of coupling mechanisms, it can be said that

Mode 1 is strongly dependant on the vertical coupling between the antenna A4 and the

parasitic patches A1, A2, and A3; whereas, Mode 2 is associated with the coupling of the

degenerate modes under the antennas A2 and A3. Mode 3 is a combination of the coupling

of all three antennas and the aperture.

The main variables that should be tuned first are the dimensions of the triangular

patches, the size of the aperture, and if applicable, the thickness of the dielectric layers.

The variables controlling these parameters are labeled as L1, S 1, S 2, S 3, W1, H1 and

H2. Among these parameters, S 2 can be used to optimize the first resonance frequency

while W2 and S 3 can be used for the second resonance frequency. Then, L1 can be used to

merge these resonances. The third resonance can be controlled by a number of parameters

as shown in Table 10. Finally, W2 can be used for optimizing the impedance match.

An important design goal that should be kept in mind during optimization is to make

sure that all of the three loops cross the real axis of the Smith chart while they are positioned

in the desired VSWR circle. The S11 of the antenna may show a good match when the

antenna is close to resonance, meaning the loops close to the real axis of the Smith chart

but not crossing in the desired band. However, by ensuring that the antennas are not only

matched but also resonating the gain of the final design can be increased approximately by

1 dB. It is also important to check the radiation properties of the antenna while optimizing

226



Table 10. Summary of the design variables for the stacked triangular patch antenna array when the
stubs are at the outmost corners. ↑: increase, ↓: decrease,↗: gradual increase,↙: gradual decrease,
←→: no change.

Parameter f1 f2 f3 Peak Front-to-back Radiation

directivity ratio efficiency

L1 (↑) ↑ ↙ ↑ ←→ ↑ ↑

S 2 (↑) ↓ ←→ ←→ ←→ ↓ ↗↘

(disappears)

S 1 (↑) ↓ ↓ ↓ ↑ ←→ ↑

(appears) (appears)

S 3 (↑) ↓ ↓ ↙ ←→ ←→ ↗

(appears)

W1 (↑) ←→ ↓ ↙ ←→ ↓ ←→

L2 (↑) ←→ ↓ ↙ ←→ ↓ ←→

L4 (↑) ↓ ↓ ←→ ←→ ↗ ↗

W2 (↑) ↗ ↗ ↗ ←→ ↗ ↗

H1 (↑) ↙ ↙ ↙ ↗ ↗ ↗

(disappears) (disappears)

H2 (↑) ↓ ↓ ↙ ↓ ↓ ↓

(disappears)

the S11 of the antenna. The far field of the antenna can be distorted with a low directivity

when the antenna elements are over-coupled or under-coupled.

8.3 Stacked Triangular Patch Antenna Array with Parallel Stubs

Small rectangular stubs were placed at the outermost corners of parasitic antenna elements

A1, A2 and, A3, as shown in Figure 141a. It was observed during the parameter sweep

study that the stub length plays an important role to excite the degenerate TM10 modes, as

shown in Figure 143b. These modes are responsible for the second resonance seen in the

S11 data. Therefore, it can be concluded that the position of the stubs affects the coupling

mechanisms, which in turn affects the number of the resonances in S11.

To investigate the effect of the position of the stubs, the proposed stacked patch antenna
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Figure 166. Details of the stacked triangular patch antenna design with the parallel stubs. (a) Metal
layer M1, (b) Metal layer M3, (c) Metal layer M4, (d) Metal layer M6.

configuration was simulated when the stubs were placed at the topmost corners of each

parasitic triangular patch PA1, PA2, and PA3. This way all three stubs were positioned

parallel to each other, as shown in Figure 166a. Figure 166 shows the details of the second

antenna configuration, created from the first one presented in the previous section using

parallel stubs. All of the variable names were kept similar to the previous stub configuration

with a “P” added as a prefix to differentiate between the variables.

Having stubs parallel to each other increases the symmetry of the antennas PA2 and PA3

with the antenna PA1. Therefore, it is expected that the modes excited under the antennas

PA2 and PA3 will look similar to the modes under the antenna PA1. Figure 167 shows the

two modes excited under the stacked patch configuration with parallel stubs. These modes

are labeled as Mode A and Mode B. Comparing this figure with the field plots of the first

configuration in Figure 143, it can be concluded that Mode A corresponds to Mode 1 of

the previous stub configuration, while Mode B corresponds to Mode 3 of the previous stub

configuration. Mode 2 is not excited with this parallel stub configuration. This is because,

as seen in Figure 143b, Mode 2 is excited when the antennas A2 and A3 are strongly
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Figure 167. Simulated normal E-field plots for the modes excited when the stubs are placed parallel.
The fields are plotted on z = 50 µm and z = 145 µm planes. The phase values are determined such that
the tip of the A1 is excited at the peak value on all conditions. (a) Mode A, 58.7 GHz, (b) Mode B, 63.4
GHz.

coupled with each other and when their fields have a 180◦ phase difference compared to

the fields of the antenna A1. In this new stub configuration; however, the fields under the

antennas PA2 and PA3 have the same phase with the fields of the antenna PA1 due to the

increased symmetry with the parallel stubs. Therefore, Mode 2 is not excited in the parallel

stub configuration.

Figure 168 presents the simulated S11 data of the stacked patch antenna array with

the new stub configuration. As seen in the figure, the two modes excited under the antenna

lead to two resonances in S11 and two resonance loops in the impedance locus. The far field

pattern of the antenna was also simulated, and it was found to be similar to the previous
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Figure 168. Simulated data when the stubs are placed parallel. (a) S11, (b) Impedance locus from 50
GHz to 70 GHz.

configuration but with almost 1 dB higher gain.

8.3.1 Summary of the Effects of Design Variables

A parameter sweep study was conducted for the new parallel stub configuration as well.

The conclusions drawn from this study are summarized in Table 11.

As expected, a close look at both Table 11 and Table 10 reveals considerable resem-

blance. Mode A creates the first resonance, fA, and Mode A is found to be equivalent to

Mode 1 of the previous configuration which creates the first resonance denoted as f1 in

Table 10. Therefore, the fA column in Table 11 is expected to be similar to the f1 column

in Table 10. Similarly, Mode B is found to be equivalent to Mode 3. Hence, the fB column

in Table 11 shows the same trend with the f3 column in Table 10.

The guidelines shown in Table 11 can be used as follows. First, the parameters for

the size of the triangular patches and the stub length can be used to create two resonances

around 60 GHz, such that the first resonance is at a frequency lower than 60 GHz and the

second resonance is at a frequency higher than 60 GHz. The variables controlling these

parameters are labeled as PS 1, PS 2, and PS 3 in Figure 166a and 166b. Next, the aperture
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Table 11. Summary of the design variables for the stacked triangular patch antenna array when the
stubs are placed parallel. ↑: increase, ↓: decrease,↗: gradual increase,↙: gradual decrease,←→: no
change.

Parameter fA fB Peak Front-to-back Radiation

directivity ratio efficiency

PL1 (↑) ↓ ↑ ←→ ↑ ←→

PS 2 (↑) ↓ ↓ ←→ ↓ ↙

(disappears)

PS 1 (↑) ↓ ↓ ↑ ←→ ↗↘

PS 3 (↑) ↓ ↓ ←→ ←→ ←→

PW1 (↑) ←→ ↙ ←→ ↓ ←→

PL2 (↑) ←→ ↙ ←→ ↓ ←→

PL4 (↑) ↙ ↙ ←→ ↓ ←→

W2 (↑) ↗ ↗ ←→ ↗ ↗

size can be optimized by using the variables PW1 and PL2 to tune the second resonance

frequency. Then, PL1 , the distance between the antennas PA1 and PA4, can be used to

merge these resonances. Finally PL4 and PW2 can be used to match the impedance at a

desired level. An important design goal that should be kept in mind during optimization is

to make sure that all of the three loops cross the real axis of the Smith chart while they are

positioned in the VSWR circle. The S11 of the antenna may show a good match when the

antenna is close to resonance, meaning the loops close to the real axis of the Smith chart

but not crossing in the desired band. However, by ensuring that the antennas are not only

matched but also resonating the gain of the final design can be increased approximately

by 1 dB. Moreover, it is critical to check the radiation parameters of the antenna array

during the design process. The far field pattern can be distorted if the antennas are over- or

under-coupled.
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8.4 Designs for the Connector-based Measurement Setup
8.4.1 GPPO-to-Microstrip Line Transition

Millimeter wave edge-mount GPPO connectors, provided by Corning Gilbert, were consid-

ered for exciting the antenna [91] during measurements. The transition from the connector

to the microstrip line was optimized separately to decrease the simulation time during the

design process.

The GPPO connector was modeled as a 50 Ω coaxial connector with the dimensions

given in the data sheet provided by the manufacturer. The transition structure includes

GPPO-to-CPW and CPW-to-ML transitions, as shown in Figure 169. The substrate has the

same stack-up shown in Figure 140.

First, a CPW-to-ML transition was designed without modeling the GPPO connector.

To guarantee a good fit of the GPPO connector onto the designed CPW line, the guidelines

provided by the manufacturer were followed. According to the given constraints, the mini-

mum required signal width to fit the GPPO signal pin was found to be much wider than the

signal width required for a 50 Ω CPW line. Therefore, a tapered slot was designed to be

etched from the ground plane to increase the line impedance. The width of the tapered slot

was used as the main design parameter to optimize the transition response. Once the tran-

sition from the 50 Ω CPW line to 50 Ω ML was designed, the GPPO connector model was

also included in the full-wave simulations. A waveport was setup to excite the transition

from inside the GPPO connector model, at the reference plane given in the datasheet of the

connector [91]. Another waveport was setup at the termination of the microstrip line.

When the transition was simulated with the GPPO connector, analyzing the simulated

field propagation along the transition revealed a field leakage through the dielectric of the

connector. This happens because the RXP-stackup is too thin to cover the radius of the

dielectric of the connector. The leakage observed is shown in the enlarged image of the

E-field plot in Figure 170a. In this figure, the amplitude of the E-field is plotted on the

vertical cross-section of the substrate. To prevent the field from leaking and propagating
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Figure 169. Simulation model of the transition including the GPPO connector. (a) Top view, (b) Bottom
view, (c) Perspective view.

Figure 170. Comparison of absolute value of E-field on yz plane of the transition with and without
ground pad on metal layer M1. (a) Without the pad on M1, (b) With the pad on M1.

along the back of the ground plane, an additional ground pad on the metal layer M1 was

designed and connected to the ground pad on M6 through vertical via connections. Figure

170b shows the fields when the backing-ground-pad is included. As compared to the non-

backing-ground-pad case, it is seen that the leakage is prevented by directing the field into

the substrate.

The dimensions of the tapered slot on the ground plane were used as the main parameter

to optimize the final design. The details of the optimized transition are shown in Figure 171.

The values for the parameters shown in the figure are as follows: W3 = 4750 µm, L5 =
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Figure 171. Details of the optimized transition from the GPPO connector to the microstrip line (a)
Metal layer M1, (b) Metal layer M4, (c) Metal layer M6.

1450 µm, W4 = 200 µm, W5 = 700 µm, W6 = 400 µm, L6 = 1450 µm, L7 = 1000 µm,

W7 = 180 µm, W8 = 1850 µm, and G1 = 325 µm. The circles show the vias positions in

the figure. The types of vias are color-coded such that the blue circles correspond to the

thru-holes connecting the metals on M1, M4, and M6. The orange circles correspond to

the blind-vias connecting the metal layers M1 and M4.

Simulated S parameters for these given values are presented in Figure 172 from 50

GHz to 70 GHz. As seen in the graph, |S12| was maximized at 60 GHz, and |S12| ≥-0.65

dB is satisfied in the entire targeted frequency band around 60 GHz WPAN applications. It

should also be noted that the low-loss response was retained from 50 GHz to 70 GHz, while

satisfying |S12| ≥-0.83 dB. |S11| and |S22| were also optimized for minimized reflections and

their values were optimized to be smaller than -15 dB along the targeted frequency band.

|S11| and |S22| values are smaller than -10 dB from 50 GHz to 70 GHz.

8.4.2 Stubs Placed at the Outermost Corners

After optimizing the antenna array and the signal transition separately, the optimized GPPO

pad transition and the GPPO model were connected with the antenna arrays, as shown in

Figure 173. In this section, the proposed STPAA with the first stub configuration, (stubs at

the outermost corners of A1, A2 and A3) is presented.

Figure 174 shows the details of the metal layers M1, M3, M4 and M6. The GPPO
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Figure 172. S-parameters of the optimized transition.

Figure 173. Simulation model of the stacked patch antenna with the GPPO connector model. (a) Per-
spective view from the top, (b) Perspective view from the bottom.

235



Figure 174. Details of the optimized stacked triangular patch antenna design with the first stub config-
uration. The GPPO model is made invisible to show the details. (a) Metal layer M1, (b) Metal layer
M3, (c) Metal layer M4, (d) Metal layer M6.

connector model is made invisible here to make the figure easier to follow. Since the an-

tenna and the connector transition were both optimized for 50Ω, the final structure required

little effort to be optimized. The optimized values for the design variables shown in Fig-

ure 174 are as follows: S 1 = 1550 µm, S 2 = 1350 µm, S 3 = 150 µm, W3 = 4750 µm,

L5 = 1450 µm, G1 = 1050 µm, L1 = 1083 µm, W4 = 200 µm, W5 = 700 µm, L6 =

1450 µm, W6 = 400 µm, W1 = 1000 µm, L2 = 200 µm, L7 = 1000 µm, W2 = 300 µm,

L4 = 1600 µm, L3 = 1916 µm, W7 = 1850 µm, and G1 = 325 µm.

The simulated S11 data and the impedance locus are presented in Figure 175 for these

given values. As seen in the S11 graph, three resonances were merged together to cover the

desired 11.6% bandwidth around 60 GHz. The impedance locus also shows three tightly

coupled loops in the 2:1 VSWR circle. An important design goal that should be kept in

mind during optimization is to make sure that all of the three loops cross the real axis of

the Smith chart while they are positioned in the VSWR circle. The S11 of the antenna may

show a good match when the antenna is close to resonance, meaning the loops close to the

real axis of the Smith chart but not crossing in the desired band. However, by ensuring that

the antennas are not only matched but also resonating, the gain of the final design can be

increased by ∼ 1 dB.

236



Figure 175. Simulated data for the optimized design with the GPPO model included. (a) S11, (b)
Impedance loci from 50 GHz to 70 GHz.

The far field of the optimized design was simulated over the entire desired frequency

band. Figure 176 displays the directivity patterns on the E- and H-planes. As seen in the

figure, the antenna array has stable characteristics except around 62 GHz, where a null

occurs along the θ = 30◦ axis towards the GPPO connector. The change in the radiation

patterns for different frequencies may be attributed to the fact that different degenerate

modes may be radiating at these frequencies since three degenerate modes are excited in

the desired frequency band. In Table 12, the simulated values for the peak directivity,

the peak gain, and the radiation and total efficiencies are summarized for the frequencies

across the desired band. The simulated peak gain averages to 6.7 dB with an average total

efficiency of 75%. The difference between the total efficiency and the radiation efficiency

is that the effect of the impedance match is included in the total efficiency.

8.4.3 Stubs Placed at the Top Corners (STPAA with Parallel Stubs)

The optimized stacked patch antenna design with parallel stub configuration was also op-

timized while including the GPPO model and the transition. The details of the final de-

sign are shown in Figure 177. The optimized values for the design variables were found
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Figure 176. Simulated far field for pattern for different frequencies. (a) Φ = 90◦, (b) Φ = 0◦

Table 12. Summary of the simulated radiation parameters.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 7.71 dBi -0.95 dB (80.5%) -1.09 dB (78%) 6.6 dB

58 GHz 7.5 dBi -0.92 dB (81%) -0.94 dB (81%) 6.6 dB

59 GHz 7.25 dBi -0.95 dB (80%) -1.2 dB (76%) 6.1 dB

60 GHz 7.47 dBi -1.22 dB (75%) -1.49 dB (71%) 6 dB

61 GHz 8.3 dBi -1.30 dB (74%) -1.32 dB (74%) 7 dB

62 GHz 8.07 dBi -1.14 dB (77%) -1.28 dB (75%) 6.8 dB

63 GHz 8.5 dBi -1.15 dB (77%) -1.34 dB (74%) 7.15 dB

64 GHz 9.22 dBi -1.57 dB (70%) -1.66 dB (68%) 7.6 dB
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Figure 177. Details of the optimized stacked triangular patch antenna design with parallel stubs. GPPO
model is made invisible to show the details. (a) Metal layer M1, (b) Metal layer M3, (c) Metal layer M4,
(d) Metal layer M6.

as follows: PS 1 = 1500 µm, PS 2 = 1300 µm, PS 3 = 150 µm, PW3 = 1850 µm,

PL5 = 1450 µm, PG1 = 1050 µm, PL1 = 1125 µm, PW4 = 200 µm, PW5 = 560 µm,

PL6 = 1450 µm, PW6 = 400 µm, PW1 = 1100 µm, PL2 = 200 µm, PL7 = 1000 µm,

PW2 = 300 µm, PL4 = 1500 µm, PL3 = 2116 µm, and PG2 = 325 µm.

Figure 178 shows the simulated S11 and the impedance locus for these given values.

As seen in the figure, the resonances are successfully merged around 60 GHz to meet the

desired bandwidth requirement. The impedance locus also presents two tightly coupled

resonating loops positioned in the 2:1 VSWR circle. It should also be noted that the loops

cross the real axis, meaning that resonance is achieved instead of being close to the reso-

nance.

Radiation properties of the antenna were also simulated and the obtained far field pat-

terns across the desired band are presented in Figure 179 on the E- and H-planes. As

mentioned for the STPAA with the stubs at the outermost corners, the change in the radia-

tion patterns for different frequencies may be attributed to the fact that different degenerate

modes may be radiating at these frequencies since two degenerate modes are excited in the

desired frequency band. Additionally, the simulated values of the peak directivity, the peak

gain, and the radiation and total efficiencies are summarized in Table 13. Compared to the
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Figure 178. Simulated data for the optimized stacked patch antenna design with the parallel stub con-
figuration including the GPPO model. (a) S11, (b) Impedance loci from 50 GHz to 70 GHz.

results in Table 12, the parallel stub configuration has 0.2 dB to 1 dB higher gain values

across the frequency band of interest except at 64 GHz, where the gain is lower for this

configuration.

8.5 Design for the Probe-based Measurement Setup

As an alternative to the edge-mount GPPO connectors, GSG air coplanar probes can be

used to measure the antenna response. In fact, it was concluded from the measurements of

the multi-beam antennas covered in Chapters 6 and 7 of this thesis that the connector-based

measurement setup requires advanced calibration and de-embedding methods to remove

the effects of the cable, adapter, and the edge-mount connectors; whereas, the probe-based

measurements result in accurate S-parameter data even with the basic Short-Open-Load

(SOL) calibration method. Therefore, the proposed STPAA was also optimized for the

probe-based measurement setup. Moreover, the optimized design was taped-out for fabri-

cation.
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Figure 179. Simulated far field for pattern for different frequencies. (a) Φ = 90◦, (b) Φ = 0◦

Table 13. Summary of the simulated radiation parameters for the STPAA with the parallel stub con-
figuration.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 7.77 dBi -0.9 dB (81%) -1.02 dB (79%) 6.75 dB

58 GHz 7.97 dBi -0.85 dB (82%) -0.89 dB (82%) 7.1 dB

59 GHz 8.3 dBi -0.82 dB (83%) -1.03 dB (79%) 7.25 dB

60 GHz 8.54 dBi -0.94 dB (81%) -1.31 dB (74%) 7.2 dB

61 GHz 8.7 dBi -1.06 dB (78%) -1.48 dB (71%) 7.2 dB

62 GHz 9.16 dBi -1.21 dB (76%) -1.45 dB (72%) 7.7 dB

63 GHz 9.46 dBi -1.57 dB (70%) -1.69 dB (68%) 7.77 dB

64 GHz 9 dBi -2.14 dB (61%) -2.74 dB (53%) 6.24 dB
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Figure 180. Details of the optimized transition from the GSG probe pad to the microstrip line (a) Metal
layer M4, (b) Metal layer M5, (c) Metal layer M6.

8.5.1 CPW-to-Microstrip Line Transition

The proposed STPAA was optimized to measure with the GBB Probe Industry’s Model

67A GSG 250 air coplanar waveguide probes [92]. Similar to the case with the GPPO con-

nectors, the transition from the the GSG probe pad to the feeding microstrip line (ML) was

optimized separately. Figure 180 shows the details of this transition. As seen in the figure,

the transition from the short CPW line to ML was achieved simply by extending the signal

line of the short CPW line. The ground pads of the CPW line were electrically connected

to the ground layer on metal layer M4. Staggered via configuration was preferred to pre-

vent the registration errors in the via connections. To achieve this configuration additional

ground pads were placed on metal layer M5, and the ground pads on metal layer M6 were

connected to these additional ground pads on M5 with blue-colored vias in Figure 171.

The pads on M5 were also connected to the ground plane on M4 with red-colored vias in

Figure 171. It should be noted that blue vias and the red vias are displaced to achieve the

staggered via configuration.

The optimized values for the design variables shown in Figure 180 were found as fol-

lows: L8 = 500 µm, W9 = 1300 µm, L9 = 600 µm, W10 = 420 µm, W7 = 180 µm

and 50 µm gap between the signal line and the ground pad of the CPW line. Simulated

S parameters for these given values are presented in Figure 181 from 50 GHz to 70 GHz.

As seen in the graph, |S12| ≥-0.53 dB is satisfied in the entire targeted frequency band for
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Figure 181. S-parameters of the optimized transition.

the 60 GHz WPAN applications. It should also be noted that the low-loss response was

retained from 50 GHz to 70 GHz, while satisfying |S12| ≥-0.57 dB. |S11| and |S22| were also

optimized for minimized reflections and their values were optimized to be smaller than -18

dB from 50 GHz to 70 GHz.

8.5.2 Stubs Placed at the Outermost Corners

After optimizing the antenna array and the signal transition separately, the optimized pad

transition was connected with the antenna array. Only the STPAA with the stubs at the

outermost corners was optimized since the allocated area for the antenna design in the

taped-out board could fit only single antenna design. In this section, the simulated results

for the optimized antenna are presented. The measurements of the antenna will be a part of

future work.

Figure 182 shows the details of the metal layers M1, M3, M4, M5 and M6 of the

antenna with the optimized signal transition. The optimized values for the design variables

shown in Figure 182 are as follows: S 1 = 1550 µm, S 2 = 1350 µm, S 3 = 150 µm, L1 =

1087 µm, W1 = 1000 µm, L2 = 200 µm, L8 = 500 µm, W9 = 1300 µm, L9 = 600 µm,
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Figure 182. Details of the optimized stacked triangular patch antenna design for the probe-based mea-
surement setup. (a) Metal layer M1, (b) Metal layer M3, (c) Metal layer M4, (d) Metal layer M5, (d)
Metal layer M6.

W10 = 420 µm, W2 = 300 µm, L4 = 1600 µm, and L3 = 4200 µm.

The simulated S11 data and the impedance locus are presented in Figure 183 for these

given values. As seen in the S11 graph, three resonances were merged together to cover the

desired 11.6% bandwidth around 60 GHz. The impedance locus also shows three tightly

coupled loops in the 2:1 VSWR circle. It should also be noted that the antenna array

resonates in the desired band.

The far field of the optimized design was simulated over the entire desired frequency

band. Figure 184 displays the directivity patterns on the E- and H-planes. As seen in

the figure, the antenna array has stable characteristics. The slight changes in the radiation

patterns for different frequencies may be attributed to the fact that different degenerate

modes may be radiating at these frequencies since three degenerate modes are excited in

the desired frequency band. The simulated values for the peak directivity, the peak gain,

and the radiation and total efficiencies are summarized in Table 14, for the frequencies

across the desired band. The simulated peak gain averages to 7.12 dB with an average total

efficiency of 79%. The difference between the total efficiency and the radiation efficiency

is that the effect of the impedance match is included in the total efficiency.
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Figure 183. Simulated data for the optimized stacked patch antenna design for the probe-based mea-
surement setup. (a) S11, (b) Impedance loci from 50 GHz to 70 GHz.

Figure 184. Simulated far field for pattern for different frequencies. (a) Φ = 90◦, (b) Φ = 0◦
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Table 14. Summary of the simulated radiation parameters for the STPAA with the parallel stub con-
figuration.

Frequency Peak directivity Radiation efficiency Total efficiency Peak gain

57 GHz 8.07 dBi -0.78 dB (83%) -0.85 dB (82%) 7.22 dB

58 GHz 8.13 dBi -0.77 dB (84%) -0.88 dB (81%) 7.25 dB

59 GHz 8.1 dBi -0.83 dB (83%) -0.97 dB (80%) 7.13 dB

60 GHz 7.95 dBi -1.04 dB (79%) -1.12 dB (77%) 6.83 dB

61 GHz 7.95 dBi -1 dB (80%) -1.48 dB (79%) 6.9 dB

62 GHz 7.85 dBi -0.91 dB (81%) -1.04 dB (80%) 6.9 dB

63 GHz 8.17 dBi -0.95 dB (80%) -0.98 dB (80%) 7.18 dB

64 GHz 8.75 dBi -1.16 dB (77%) -1.18 dB (76%) 7.57 dB

8.6 Conclusions

A new wireless technology has been emerging to enable high-throughput wireless com-

munications using the internationally available 7 GHz spectrum around 60 GHz. The

miniaturization factors that can be achieved with the high carrier frequency prevent the

antenna miniaturization from being an issue. Furthermore, the SOP technology promises

highly-integrated, high-performance, and low-cost RF-systems to design compact front-

end modules operating at 60 GHz. However, there is still a need for efficiently integrating

the antenna with the passive and active circuitries of the module. A novel material called

RXP has been shown to have superior RF performance and mechanical characteristics up

to 110 GHz, making RXP-based multilayer substrates an excellent medium to realize SOP-

integrated RF systems at 60 GHz.

A novel stacked triangular patch antenna array (STPAA) designed for a low-profile

RXP-based multilayer substrate has been proposed in this chapter as a solution to the an-

tenna integration problem at 60 GHz. RXP-based multilayer substrates have been charac-

terized for the antenna applications for the first time with the designs proposed in this dis-

sertation. In addition to the multilayer RXP substrate, the novelty of the proposed stacked

patch antenna array comes from the fact that triangular patch antennas with stubs were used
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instead of the conventional rectangular patch antennas. Two configurations of the proposed

stacked triangular patch antenna array have been presented in this chapter. Mutual reso-

nances between the antenna elements were balanced and merged properly to overcome the

narrow bandwidth limitation of the patch antennas. The design process to achieve this goal

has been discussed in detail to explain the principles of the proposed STPAA. Moreover,

design guidelines are provided for the antenna engineers to simplify and shorten the design

process. GPPO connector modeling and the transition design have also been included in

this chapter to provide insight on the co-design requirements for the antenna.

Desired bandwidth coverage and the radiation properties necessary for the 60 GHz

WPAN applications were achieved with the optimized designs for the both configurations

proposed in this chapter. The antennas were designed considering connector-based and

probe-based measurement setups. However, due to the size of the prototype board only

single antenna design was taped-out for fabrication. The STPAA optimized for the probe-

based measurement setup was preferred since the measurements of the antennas covered in

Chapters 6 and 7 of this thesis have shown that accurate measurements can be obtained us-

ing GSG probes; whereas, connector-based measurements require advanced de-embedding

methods to remove the effects of the connector, cable and the adapter. The measurement of

the antenna will be done as a part of future work.

The proposed structure using the multilayered configuration presents a more compact

array solution compared to the single-layer series- or parallel-feed antenna arrays. The

proposed STPAA has a single-beam broadside radiation pattern with an average gain value

of 7 dB. It should be noted that although merging resonances help to increase the band-

width of the antenna, it may also affect the uniformity of the far-field pattern in the desired

band since different degenerate modes may be radiating at different frequencies, instead

of single mode radiating in the entire band. If pattern reconfigurability or a higher gain

value is required, the proposed STPAA configuration can be used in an array configuration.

However, optimizing the array configuration using STPAA as the main element may result
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in a complex design process since it will require tuning a large number of design variables

and also optimizing the mutual coupling between the elements. Analyzing the effects of

patch shapes, other than the triangular patches proposed in this dissertation, on the com-

plexity of the design process and the modes radiating in the desired frequency band can be

recommended as a part of future work.
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CHAPTER 9

CONCLUSIONS

This dissertation primarily focused on designing high-performance antennas along with

developing techniques for the miniaturization and system-on-package (SOP) integration of

these antennas to achieve fully-integrated SOP systems using advanced multilayer organic

substrates and thin-film magneto-dielectrics. The 2.4/5 GHz WLAN/WiMAX and 60 GHz

WPAN applications were the targeted applications for the antenna designs. Based on these

objectives, the outcome of this research can be summarized as follows:

1. The system-on-package integration of monopole antennas for the 2.4/5 GHz WLAN

and WiMAX bands was achieved using a conformal antenna configuration on liquid

crystalline polymer based rigid-flex substrates. The integration of flexible antenna

substrate with the rigid module package using a single process has been showed the

first time with the proposed rigid-flex configuration. The effects of an on-package

shielding box was also included during the design of the antennas. The proposed

configuration was implemented using single and dual-band prototypes covering the

2.4/5 GHz WLAN and WiMAX bands. The fabricated antennas were also measured

and it was found that the requirements were met for the successful operation in the

WLAN and WiMAX bands.

2. Magneto-dielectric substrates have been studied for effective miniaturization of an-

tennas and other electromagnetic structures. However, these materials do not exist

in nature and are not yet available in the market; hence, they need to be synthe-

sized. There has been research efforts at the Packaging Research Center (PRC) at

Georgia Tech to synthesize low-loss magneto-dielectric thin-films. This dissertation

supported this material synthesis process in terms of material characterization. In

this part of this Ph.D. research, two characterization methods that are based on mea-

suring easy-to-fabricate, -measure, and -analyze two metal layer printed structures
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were proposed and applied to the test vehicles of thin magneto-dielectrics synthe-

sized at the PRC. Both methods were verified with the controlled experiments based

on simulations and theoretical analysis. Several batches have been synthesized, fab-

ricated and characterized to verify the material synthesis process. Although several

boards were characterized to have µr values ranging from 1.3 to 1.9 in the low GHz

frequencies, some batches with nonmagnetic attributes were also characterized. The

fact that not every batch of the materials synthesized in this project showed mag-

netic properties points to the difficulty of synthesizing magneto-dielectric materials.

The reason for the inconsistency in the characterized values of consecutive batches

may be attributed to improper alignment of the magnetic dipoles in the synthesized

material, oxidation, agglomeration and improper encapsulation of nanoparticles. Ad-

vanced synthesis techniques and alternative routes are required to reduce the loss of

the substrates and guarantee the consistency and repeatability of the parameters for

every fabricated batch.

3. The miniaturization of the conductor-backed planar antennas using magneto-dielectric

substrates were investigated both theoretically and experimentally using full-wave

electromagnetic simulations. It was concluded that magneto-dielectrics can miniatur-

ize the conductor-backed planar antennas, such as microstrip patch antennas, while

improving the bandwidth of the antennas at the expense of increased surface wave

power. It was found that when the size of the ground plane is adjusted properly, the

surface wave power can be used to improve the gain of the antenna with the con-

structive addition of diffracted surface waves. Similarly, this method can be used to

emulate the radiation pattern of a monopole antenna due to increased back-radiation.

However, the antenna may become a poor radiator if the size and the shape of the

ground plane are not optimized properly. Therefore, the diffraction of the surface
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waves from the edges of the truncated conductor-backed magneto-dielectric sub-

strates may be studied in more detail as a part of future work. Finding design guide-

lines on the size and the shape of the ground plane (circular, rectangular etc.) to

optimize the radiation parameters of the antenna can also be targeted as a part of

future work.

4. The efficient miniaturization of the reactive impedance surfaces using the magneto-

dielectric substrates was also investigated along with the application of these surfaces

to low-profile antenna designs. It was found that magneto-dielectrics are more ad-

vantageous in miniaturizing these structures since increasing the permeability of the

substrate can miniaturize these surfaces while improving the reflection bandwidth.

The antenna performance can be improved by replacing these surfaces with the con-

ductor ground plane of printed planar antennas; however, the size of the reactive

impedance surface should be adjusted properly to improve the performance of the

antenna.

5. Multi-beam antennas were proposed for mobile 60 GHz WPAN applications as an

alternative to pattern-reconfigurable antennas. Two novel slot antenna designs with

multi-beam radiation patterns were designed, and fabricated on an 8 mil thick LCP

substrate. The effects of the increased surface-wave propagation due to the higher

order modes were eliminated using ground corrugations. The designed antennas

were measured with probe-based and connector-based measurement setups. It was

concluded that probe-based measurement setup is more suitable for return loss mea-

surements since the connectors require adapters whose effect cannot be removed

with simple calibration techniques. However, far field pattern of the antenna can

be measured easily using the edge-mount millimeter wave connectors. Although

the proposed multi-beam radiation pattern is more advantageous compared to the
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single-beam directive pattern, the ultimate antenna solution for mobile WPAN appli-

cations is a single-element pattern reconfigurable antenna that reconfigures the beam

direction to maximize the quality of wireless communications. It is recommended

as future work to study the potential of achieving pattern reconfigurability using the

proposed multi-beam antennas.

6. An RXP-based multilayer stack-up was characterized for the first time for the an-

tenna applications operating around 60 GHz. A stacked triangular patch antenna

array integrated on a RXP-based multilayer stack-up was designed. In addition to

the multilayer RXP substrate, the novelty of the proposed stacked patch antenna ar-

ray comes from the fact that triangular patch antennas with stubs were used instead of

the conventional rectangular patch antennas. The wide bandwidth requirement of the

60 GHz band applications was achieved by merging coupled resonances. The mul-

tiple resonance mechanisms and the effect of design variables on these resonances

have been studied in detail to gain insight in the design process. Design guidelines

have been provided to simplify the complicated design process of stacked patch an-

tennas. It should be noted that although merging resonances help to increase the

bandwidth of the antenna, it may also affect the uniformity of the far-field pattern in

the desired band since different degenerate modes may be radiating at different fre-

quencies. If pattern reconfigurability or a higher gain value is required, the proposed

STPAA configuration can be used in an array configuration. However, optimizing

the array configuration using STPAA as the main element may result in a complex

design process since it will require tuning a large number of design variables and

also optimizing the mutual coupling between the elements. Analyzing the effects of

patch shapes, other than the triangular patches proposed in this dissertation, on the

complexity of the design process and the modes radiating in the desired frequency

band can be recommended as a part of future work.
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APPENDIX A

PER UNIT LENGTH PARAMETERS OF MICROSTRIP LINE ON
A THIN-FILM MAGNETO-DIELECTRIC SUBSTRATE

A.1 Telegrapher’s Equations

A transmission line can be considered as a distributed-parameter network, where voltages

and currents can vary in magnitude and phase over its length. Therefore, a piece of a trans-

mission line with an infinitesimal length, dz, can be represented with a lumped-element

circuit model as shown in Figure 185 [39]. In this representation, R is a series resistance

per unit length, L is a series inductance per unit length, G is a shunt conductance per unit

length, and C is a shunt capacitance per unit length. Writing Kirchhoff’s voltage and cur-

rent law for this circuit representation for the sinusoidal steady state condition one can

derive:
dV(z)

dz
= −(R + jωL)I(z) (124)

dI(z)
dz

= −(G + jωC)V(z) (125)

Figure 185. Equivalent circuit for an incremental length of transmission line.
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where V(z) and I(z) are cosine-based phasors for voltage and current. Equations (124) and

(125) are known as Telegrapher’s equations and these equations can be solved simultane-

ously to give the wave equations for V(z) and I(z):

d2V(z)
dz2 − γ2I(z) = 0 (126)

d2I(z)
dz2 − γ

2V(z) = 0 (127)

where

γ = α + jβ =
√

(R + jωL)(G + jωC) (128)

is the complex propagation constant. Solving these wave equations in Equations (126) and

(127), traveling wave solutions can be found as

V(z) = V0
+ exp−γz +V0

− expγz (129)

I(z) = I0
+ exp−γz +I0

− expγz (130)

Substituting (129) in (124), the characteristic impedance Z0 can be derived as

Z0 =

√
(R + jωL)
(G + jωC)

(131)

A.2 Deriving Per Unit Length Parameters for a Microstrip Line on a
Thin-film Magneto-dielectric Substrate

Per unit length parameters for the microstrip line on a thin-film magneto-dielectric substrate

can be obtained by deriving the Telegrapher equations from Maxwell’s equations. The

geometry of the microstrip line is shown in Figure 186. To ease the problem, it is assumed

that microstrip line is embedded in the same magneto-dielectric medium as the substrate.

The permittivity and permeability of the material is assumed to be ε=ε′-jε′′ and µ=µ′-jµ′′.

Electric and magnetic field lines are also shown in the figure with red and green arrows,

respectively.

A TEM wave propagating along the z-axis on the microstrip line is characterized by

Ez=Hz=0; therefore, we are left with Ey(y,z) and Hx(x,z). Furthermore, since the substrate
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Figure 186. Geometry of the microstrip line on a magneto-dielectric substrate.

is a thin-film material, the thickness of the substrate h is much smaller than the width of the

line W, i.e. h � W. In this case, the fringing fields can be ignored to simplify the problem.

In addition, conductor losses are ignored to simplify the analysis. The fields around the

microstrip line should satisfy Maxwell’s curl equations,

∇ × ~E = − jωµ ~H (132)

∇ × ~H = jωε ~E (133)

Expanding (132) and (133) gives the following vector equations:

∇ × ~E = −x̂
∂Ey

∂z
+ ẑ

∂Ey

∂x
= −x̂ jωµHx (134)

∇ × ~H = ŷ
∂Hx

∂z
− ẑ

∂Hx

∂y
= ŷ jωεEy (135)

Since the ẑ components of these two equations must vanish, it is seen that Ey and Hx should

have the forms

Ey = f (z) (136)

Hx = g(z) (137)

Then, (134) and (135) can be reduced to

∂Ey

∂z
= jωµHx (138)

∂Hx

∂z
= jωεEy (139)
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Using (136) and (137) in (138) and (139) gives

∂ f (z)
∂z

= jωµg(z) (140)

∂g(z)
∂z

= jωε f (z) (141)

The voltage and current carried by the TEM waves on the microstrip line can be related to

the electromagnetic fields via

V(z) = −

∫
0

h

Ey(z) dy = h f (z) (142)

I(z) =

∫
0

W
~Js · ẑ dx =

∫ W

0

(
−ŷ × ~H

)
· ẑ dx = Wg(z) (143)

Then f(z) and h(z) can be eliminated from Equations (140) and (141) using (142) and (143)

to give
∂V(z)
∂z

= jωµ
h
W

I(z) (144)

∂I(z)
∂z

= jωε
W
h

V(z) (145)

Finally, by comparing (144) with (124) and (145) with (125) one can find

R + jωL = jω
(µ′ − jµ′′)h

W
(146)

G + jωC = jω
(ε′ − jε′′)W

h
(147)

Equating the real and imaginary parts of each equation, finally R, L, G, and C per unit

parameters can be derived as follows:

R =
ωµ′′h

W
(148)

L =
µ′h
W

(149)

G =
ωε′′W

h
(150)

C =
ε′W

h
(151)
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Although this simplified analysis does not provide the exact solution to the real-case mi-

crostrip line problem, it provides the insight on how ε′, ε′′, µ′ and µ′′ affect the per unit line

parameters. As can be seen from (148) to (151), magnetic loss of the substrate affects per

unit length resistance, R, along with the conductor loss for a lossy metal case. The dielec-

tric loss affects per unit length conductance term, G, while per unit length capacitance, C,

depends on ε′. Finally, per unit length inductance is directly proportional to µ′.
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APPENDIX B

RADIATED FIELDS OF A HERTZIAN MAGNETIC DIPOLE ON A
CONDUCTOR-BACKED MAGNETO-DIELECTRIC SUBSTRATE

Calculating the radiated fields of printed antennas on conductor-backed substrates requires

using full-wave electromagnetic solvers to calculate these fields. Although accurate results

can be obtained through these calculations, there is usually very little insight gained about

the radiation mechanism. On the other hand, analytical expressions derived using electric

and magnetic Hertzian dipoles can provide accurate results and a clear picture of how the

antenna dimensions and the substrate parameters affect the radiated fields of the antenna.

A transmission line method to calculate the far-field radiation of arbitrarily directed

Hertzian dipoles in a multilayer substrate has been presented in [67]. In the method pre-

sented in this paper, the fields of the Hertzian dipoles are found using the reciprocity the-

orem, where the radiated fields of the Hertzian dipole in the substrate are calculated using

the scattered fields in the substrate due to plane wave incidence. The TM mode plane wave

is used to calculate Eθ, and TE mode plane wave is used to calculate Eφ. The fields of a

magnetic Hertzian dipole on a single layer conductor-backed magneto-dielectric substrate

are derived here following the transmission analogy and the method presented in [67].

Figure 187 shows the transmission line circuit used to calculate the radiated fields of a

Figure 187. Transmission line circuit used to calculate the horizontal ~E of a magnetic Hertzian dipole.
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Hertzian dipole. Assuming the angle of incidence is (θi, φi), the circuit parameters derived

for the horizontal magnetic Hertzian dipole can be listed as follows [67]:

VT E
s = jωε0

exp− jk0R
2πR

VT M
s = VT E

s cos(θi)

RT E
s =

√
ε0/µ0

cos(θi)

RT M
s =

√
ε0/µ0

cos(θi)
(152)

RT E
c =

ε1
√
ε0/µ0√

µ1ε1 − sin2 θi

RT M
c =

√
µ1ε1 − sin2 θi

µ1
√
µ0/ε0

β1 = k0

√
µ1ε1 − sin2 θi

Following the steps in [67], and solving for the voltage Vx shown in Figure 187 yields

the following the field expressions for the magnetic Hertzian dipole:

Eθ =
jωε0 exp(− jk0R)

2πR
F(θ) (153)

Eφ =
jωε0 exp(− jk0R)

2πR
G(θ) (154)

where F(θ) and G(θ) are

F(θ) =
cos θ cos φ

√
µ1ε1 − sin2 θ√

µ1ε1 − sin2 θ + jµ1 tan(βh) cos θ
(155)

G(θ) =
ε1 cos θ sin φ

j tan(βh)
√
µ1ε1 − sin2 θ + ε1 cos θ

(156)

As can be seen in (155) and (156), F(θ) and G(θ) are functions of θ and substrate parameters.

For thin substrates, using the approximation tan(βh) ≈ βh, the expression in (155) and (156)

can be reduced to

F(θ) ≈ cos θ (157)
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G(θ) ≈ 1 (158)

Equations (157) and (158) shows that for thin substrates, the effect of the substrate

parameters εr and µr on the radiated fields of a horizontal magnetic Hertzian dipole can be

neglected.
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APPENDIX C

DERIVATION OF GREEN’S FUNCTIONS IN THE SPECTRAL
DOMAIN

A Hertzian electric dipole positioned on top of a conductor-backed magneto-dielectric sub-

strate can be used to derive the electric field Green’s function [65]. The dipole can be

modeled as an infinitesimal electric current source. If the dipole is located at (x0, y0), the

x-directed dipole current can be expressed as

Jx = x̂δ(x − x0)δ(y − y0) (159)

If the substrate is extended on the x-y plane, the Green’s function can be obtained from di-

rect solution of wave equations for Ez and Hz. Starting from following Maxwell’s equations

for a source-free medium:

∇ × Ē = − jωµrµ0H̄ (160)

∇ × H̄ = − jωεrε0Ē (161)

the wave equations for E and H fields can be derived as

∇2Ē + ω2µrεrk2
0Ē = 0 (162)

∇2H̄ + ω2µrεrk2
0H̄ = 0 (163)

A source-free medium is assumed to simplify the analysis since the effect of Jx can be

included in the boundary conditions.

Applying Equations (162) and (163) to the z component gives the wave equations

∂2Ez

∂x2 +
∂2Ez

∂y2 +
∂2Ez

∂z2 + εrµrk2
0Ez = 0 (164)

∂2Hz

∂x2 +
∂2Hz

∂y2 +
∂2Hz

∂z2 + εrµrk2
0Hz = 0 (165)

If we assume an exp(± jkxx + ± jkyy + ± jkz) behavior, the following relationship can be

derived

k2
x + k2

y + k2
z = εrµrk2

0 (166)
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Therefore, the propagation constant kz is given by

k2
1 = k2

z = εrµrk2
0 − β

2 for 0 ≤ z < h (Region 1) (167)

k2
2 = k2

z = k2
0 − β

2 for z < h (Region 2) (168)

where

β2 = k2
x + k2

y (169)

Since the analysis is carried out in the Fourier domain, it is convenient to use the Fourier

transform of the fields and current densities. If the Fourier transform pair is defined as

follows:

ψ(x, y, z) =
1

4π2

∫ ∞

−∞

∫ ∞

−∞

ψ̃(kx, ky, z)e jkx xe jkyy dkx dky (170)

ψ̃(kx, ky, kz) =

∫ ∞

−∞

∫ ∞

−∞

ψ(x, y, z)e− jkx xe− jkyy dx dy (171)

Maxwell’s equations in Equations (160) and (161) can be Fourier transformed using ∂/∂x→

+ jkx and ∂/∂y→ + jky to give

Ẽx =
jkx

β2

∂Ẽz

∂z
+
ωµrµ0ky

β2 H̃z (172)

Ẽy =
jky

β2

∂Ẽz

∂z
−
ωµrµ0kx

β2 H̃z (173)

H̃x =
jkx

β2

∂H̃z

∂z
−
ωεrε0ky

β2 Ẽz (174)

H̃y =
jky

β2

∂H̃z

∂z
+
ωεrε0kx

β2 Ẽz (175)

The solution for Ẽx and Ẽy are obtained by assuming the following general forms for Ẽz

and H̃z in region 1 and 2:

Ẽz2 = Ae− jk2z (176)

H̃z2 = Be− jk2z (177)

Ẽz1 = C cos(k1z) + D sin(k1z) (178)

H̃z1 = E sin(k1z) + F cos(k1z) (179)
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Boundary conditions can be used to find the constant A to F in the above expressions. The

boundary conditions can be summarized as follows:

Ẽx = 0 at z=0 (180)

Ẽy = 0 at z=0 (181)

Continuity of Ẽx at z=h, which means Ẽx1 = Ẽx2 (182)

Continuity of Ẽy at z=h, which means Ẽy1 = Ẽy2 (183)

Continuity of H̃x at z=h, which means H̃x1 = H̃x2 (184)

Continuity of H̃y at z=h-0, which means H̃y1 − H̃y2 = J̃x (185)

Substituting Equations (176) to (179) for Ẽz and H̃z for region 1 and 2 in Equations (172)

to (175) and solving the equations together with the boundary conditions, the following

expressions for Ẽz and H̃z can be found:

Ẽz2 =
kxk1 sin(k1h)

jωε0Tm
e− jk2(z−h) J̃x (186)

H̃z2 =
− jµrky sin(k1h)

Te
e− jk2(z−h) J̃x (187)

Ẽz1 =
kxk2 cos(k1z)
ωε0Tm

J̃x (188)

H̃z1 =
− jky sin(k1z)

Te
J̃x (189)

where

Tm = εrk2 cos(k1h) + jk1 sin(k1h) (190)

Te = k1 cos(k1h) + jµrk2 sin(k1h) (191)

Substituting Equations (186) to (189) in Equation (172) yields at z=h (∂/∂z = − jk2),

Ẽx(kx, ky, kz) =
− j sin(k1h)
ωε0β2

k2
xk1k2

Tm
+
µ2

r k2
0k2

y

Te

 J̃x (192)

Similarly, Ẽy at z=h can be found using Equation (173) as

Ẽy(kx, ky, kz) =
− jkykx sin(k1h)

ωε0β2

[
k1k2

Tm
−
µ2

r k2
0

Te

]
J̃x (193)
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Equations (192) and (193) are electric field expressions in the spectral domain due to an

x-directed current. Similarly, the electric field due to a y-directed current can be obtained.

These expressions can be obtained by interchanging x ↔ y in Equations (192) and (193).

This yields

Ẽy(kx, ky, kz) =
− j sin(k1h)
ωε0β2

k2
yk1k2

Tm
+
µ2

r k2
0k2

x

Te

 J̃y (194)

Similarly, Ẽy at z=h can be found using Equation 173 as

Ẽx(kx, ky, kz) =
− jkxky sin(k1h)

ωε0β2

[
k1k2

Tm
−
µ2

r k2
0

Te

]
J̃y (195)

Comparing Equation 192 to 195 with following matrix relationship Ẽx

Ẽy

 =

Z̃xx Z̃xy

Z̃yx Z̃yy


 J̃x

J̃y

 (196)

yields the spectral domain electric field Green’s functions.

Z̃xx =
− j sin(k1h)
ωε0β2

k2
xk1k2

Tm
+
µ2

r k2
0k2

y

Te

 (197)

Z̃xy
− jkykx sin(k1h)

ωε0β2

[
k1k2

Tm
−
µ2

r k2
0

Te

]
(198)

Z̃yy =
− j sin(k1h)
ωε0β2

k2
yk1k2

Tm
+
µ2

r k2
0k2

x

Te

 (199)

Z̃xy = Z̃yx (200)

The space-domain electric field Green’s functions can then be obtained by taking the in-

verse transform of Z̃xx, Z̃xy and Z̃yy. The transverse electric Green’s functions at (x, y, h)

due to the unit strength electric current J j at (x0, y0, h) can then be expressed as

Ei(x, y, h) =
1

4π2

∫ ∞

−∞

∫ ∞

−∞

Z̃i je jkx(x−x0)e jky(y−y0) dkx dky i,j=x, y (201)
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APPENDIX D

CALCULATION OF THE INTEGRAL FOR SURFACE WAVE
POWER

Applying the method in Eq. (106) to the integral in Eq. (105) yields the following integral

for the surface wave power:

Psw =
−1
4π2 Re

{∫ 2π

φ=0

∫ β+δ0

β−δ0

Zxx(φ, β)βdβ dφ
}

(202)

where δ0 ∼ 0.001k0 [73]. The integrand in (202) can be rewritten in the following form

Iδ =

∫ β0+δ

β0−δ

(
f (β, φ)
Tm(β)

) dβ (203)

where Tm(β) has a pole at β = β0 and is given in Eq. (95). f (β) represents the remaining

nonsingular portion of the integrand and given (94) and (104) it can be found as

f (β, φ) =
jZ0 sin(k1h)

k0β

Tek2
xk1k2 + Tmµ

2
r k2

0k2
y

Te
(204)

Using the Taylor expansion representation of Tm(β) around β0 yields

Iδ =
− jπ f (β0, φ)

T ′m(β0)
. (205)

Applying (205) to (202), one can find

Psw =
−1
4π2 Re

{∫ 2π

φ=0
− jπ
− jZ0 sin(k1h)k2

xk1k2

k0β0T ′m(β0)
cos2 φ dφ

}
(206)

where using Tm(β0) = 0, T ′m(β0) can be shown to be

T ′m(β0) = β0

[
h
(

k1

εrk2
+
εrk2

k1

)
+ j

(
−1
k1

+
k1

k2
2

)]
(207)

If we assume β0 = x0k0 (206) can be reduced to

Psw =
Z0k2

0

4
εr(x2

0 − 1)

(k0h)
[
1 +

ε2
r (x2

0 − 1)

(εrµr − x2
0)

]
+ εr


√

x2
0 − 1

(x2
0 − εrµr)

+
1√

x2
0 − 1


(208)
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